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CHAPTER 1 

INTRODUCTION 

1.1 Motivation 

Analog-to-digital converters (henceforth referred to as ADCs) convert real world 

analog signals into the digital domain for efficient transmission, storage or intricate 

processing using digital computers or dedicated digital signal processors (DSPs). 

Compared to their analog counterparts, signal processors in the digital domain provide 

improved resolution, insensitivity to noise, higher functionality and accuracy, smaller size, 

better production yield and reliability, and ultimately, lower cost As a consequence, 

digital systems are quickly finding their way into everyday life, examples of which can be 

found in diverse areas ranging from digital audio compact discs (CDs) to biomedical 

applications, from high definition television (HDTV) to the special systems that are today 

indispensable building blocks of the networked society. As an offspring of the evolution 

and demands imposed upon modern digital systems, the need for high performance 

analog-to-digital and digital-to-analog interfaces has increased. 

One of the conversion techniques is sigma-delta modulation [1], which uses 

oversampling and noise shaping, and has become quite popular for achieving high 

resolution at modest bandwidths. The main advantages over conventional techniques are: 

• The use of low resolution analog circuits with precision much less than the resolution 

ofthe overall converter. 

• The low tolerance and matching requirements imposed on the analog circuitry, i.e., no 

expensive calibration is necessary. 

• Ease of implementation in switched capacitor (SC) circuits implemented in CMOS 

VLSI processes. 

• The ability to efficiently trade resolution in time versus resolution in amplitude by use 

of digital low-pass filtering and decimation. 



• A relaxation on the specifications of the analog anti-aliasing filter w hereb\' it need not 

have a sharp cut-off. 

• A reduction ofthe noise level in the ADC. 

The objective of this research is geared towards proposing sigma-delta modulators 

that will achieve high resolution at wide bandwidths, meaning A/D conversion at rates 

exceeding 1 MHz with a resolution of at least 12 bits [1, p.219]. As will become clear 

later, this task not only requires the use of high-order noise shaping but also multi-bit 

quantization. On that basis, this thesis starts with a basic sigma-delta topology which 

employs multi-bit quantization with single-bit feedback thus avoiding the very strict 

linearity requirements imposed on DAC in the feedback path of a sigma-delta loop. The 

concept is then further extended to develop novel sigma-delta topologies that accomplish 

a synergetic combination of the advantages of sigma-delta and pipeline ADCs to provide 

wide dynamic range at wide bandwidths, a performance which may not be currently 

realized using either of the structures alone. The validity of the proposed topologies is 

confirmed by system level simulations. 

To tackle the aforementioned goals, this work mainly seeks to extend a sigma-delta 

topology developed by Leslie and Singh [2], which uses a single-bit DAC with multi-bit 

quantization to achieve both good linearity and low quantization noise. In fact, only 

recently has an IC implementation of a extension of the concept in [2] been published in 

[3]. Q^ote: The topology in f3] was independently proposed by the author as part of this 

work before [3] was published. Work on further improvements then ensued f4]. ) 

1.2 Organization of Thesis 

This work starts with a review of basic system level ADC concepts and performance 

specifications in Chapter 1. Chapter 2 introduces the sigma-delta concept and existing 

topologies. The material presented therein is not meant to be an exhaustive review but 

rather a concise gathering ofthe main concepts. 

In Chapter 3, a multi-bit topology with single-bit feedback is introduced. This 

topology is then further extended to develop sigma-delta topologies for high resolution 



and wide band applications. System level simulation results conducted in SIMLT.IXK [6] 

and MATLAB [7] are also presented. In Chapter 4, a description of circuit design 

requirements and software implementation of a variation of one of the proposed 

topologies in a 2 micron scaleable n-well CMOS technology is described. Special attention 

is paid to the design and fabrication of a fast settling, non-slewing operational amplifier, 

the key building block of most analog circuits. It is noted that the op-amp was actually 

fabricated via MOSIS. 



CHAPTER 2 

OVERVIEW OF ADCs 

2.1 Conventional Nyquist rate ADCs 

Consider a generic conventional ADC converter as rendered in Figure 2.1 where the 

signal x(t) is sampled at a rate fs^fn^ the Nyquist frequency which is twice the signal 

bandwidth / / , . 

(t) 
^ 

A 

\ , 
• / 

x[nj 
• 

e[nj 

— • 
Digital 
Processor 

V|n| 
• 

filtering sampling quantization coding 

Figure 2.1 Block diagram and model of a conventional ADC system. 

The relationship between the input and output can be expressed as 

yfnj = xfnj + e[nj (2 1) 

where efnj models the quantization noise injected by the quantizer. 

In what follows, a detailed analysis ofthe individual blocks shown in Figure 2.1 is 

presented. 

2.1.1 Filtering and Sampling 

The signal is first passed through an analog anti-aliasing filter whose purpose is to 

limit the bandwidth ofthe signal to prevent interference, also known as aliasing, between 

repeated versions of the signal spectrum. Even if the signal is nominally band-limited 

t o / / , , where /^ is the bandwidth ofthe signal, an anti-aliasing filter is often used to 



t o / , , where /^ is the bandwidth ofthe signal, an anti-aliasing filter is often used to 

ensure that the signal is indeed band limited. This is then followed b\ a sampling process, 

which converts the signal x(t) from continuous time to discrete time, x[nj. Thus the 

discrete time signal, x[n], can be represented by a sampled continuous-time signal as [5], 

00 

x[n]= Txit)b(t-nT) (2 2) 

5(0= lim —recti—] 
where e-^oo s Vg/ . (2.3) 

0, elsewhere. 

The effect in the frequency domain is to create periodically repeated versions ofthe signal 

spectrum at multiples ofthe sampling frequency. This relationship can be written as 

_ 1 
00 

Xsif) = f- TX(f-nf,) (2 4) 
^ n=-oo 

where Xg{f) represents the spectrum ofthe sampled signal, and .\'( f) is the spectrum of 

the original continuous time signal. The discretization or quantization in time as a result of 

sampling is a reversible operation, since no signal information is lost and the original 

continuous signal can be perfectly reconstructed [5]. 

The case when/ ^2fb is known as the Nyquist sampling rate. For example, speech 

has a nominal bandwidth of 4 kHz and so in principle can be sampled at 8 kHz However, 

there is some residual signal energy above 4 kHz which will result in aliasing if sampled at 

8 kHz. Hence the need for an analog anti-aliasing filter preceding the sampler. 

A graphic representation ofthe sampling process in the frequency domain is shown in 

Figs. 2 2-2.4. The band-limited signal is sampled at a constant rate. The spectral 

representation ofthe signal is assumed to be of triangular shape as shown. 
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Figure 2.2 Input signal spectrum. 
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Figure 2.3 Sampling frequency spectrum fs>fb. 
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Figure 2.4 Sampled signal spectrum, no aliasing. 



2.1.2 Quantization 

Once sampled, the signal must also be quantized in amplitude to a finite set of output 

values. Quantization is a non-invertible process, since an infinite number of input 

amplitude values are mapped to a finite number of output amplitude values 

Therefore the primary objective in designing ADCs is to limit the distortion 

introduced by the quantization process. The quantized output amplitudes are usually 

represented by a digital code word composed of a finite number of bits in pulse code 

modulation (PCM) format. 

An ADC with M quantization levels is said to have A'̂  bits of resolution where 

N=log2(M). The difference between binary codes for two adjacent output levels is one 

least significant bit (LSB) of the overall word. This means that a difference in input 

amplitudes corresponds to one LSB difference in the digital output code words. 

To further simplify the analysis of the noise from the quantizer, the following 

assumptions about the noise process and its statistical properties are traditionally made 

[5]: 

• The error sequence, e[n], is a sample sequence of a stationary random process; 

• e[n] is uncorrected with the sequence x[n]; 

• The probability density function of the error process is uniform over the range 

of quantization error, i.e., over ± A^, where A is the quantizer step size; 

• The random variables ofthe error process are uncorrelated, i.e , the error is a white 

noise process. 

Under certain conditions, such as when the quantizer is not overloaded, the 

number of quantization levels is large, and the successive signal values are not 

exceedingly correlated, these assumptions are valid. 

Figure 2.5 shows a uniform quantization that rounds off a continuous 

amplitude signal x . It is useful to represent the quantized signal v by a linear function 

Gx with an error e; that is. 



V — 

A, 
1 

A 
2 

y = Gx+e 

Figure 2.5 Uniform quantization: An example of a uniform 
multi-level quantization characteristic that is represented by the linear 
gain G and an error e, two- level quantization where the gain G is 
arbitrary. 

y = Gx + e (2.5) 

where the gain G is the slope ofthe straight line that passes through the center ofthe 

quantization characteristic so that, when the quantizer does not saturate (i.e., when |x| < 

6/5 V), the error is bounded by ± — . Notice that the above consideration remains valid 

for a two-level quantizer, as illustrated in Figure 2.5, but in this case the choice of the 

gain G is arbitrary. When we treat the quantization error e as having equal 

probability of lying anywhere in the range ±—, its mean square value is given by [1, 

P-5], 



1 ^ ^ A^ 
erms^— Se'^de^—-. (2 6) 
.2 -

For the ensuing discussion of spectral densities of the noise, we employ a 

one-sided representation of frequencies: that is, we assume that all the power is in the 

positive range of frequencies. When a quantized signal is sampled at frequency /^ = —, all 

of its power folds into the frequency band 0 < / < /^ /2 . Then, if the quantization noise 

is white, the spectral density ofthe sampled noise is given by 

2 
^ ( / ) = ^rms^Y " '^rms^ • (2-7) 

2.2 Classification of ADCs 

ADCs provide tradeoffs among signal bandwidth, output resolution, and the 

complexity of the analog and digital hardware. Most ADCs, such as the successive 

approximation, subranging, and flash types quantize signals that are sampled at, or slightly 

above, the Nyquist rate. Consequently, these converters are often referred to as Nyquist 

rate PCM converters. 

Conventional ADCs can basically be classified as direct-comparison and integrating 

types. In the direct comparison each reference to be used in the comparison is assigned a 

digital value. An example is the Flash or parallel ADC. Other types of direct comparison 

ADCs take a longer time to complete a conversion because they determine the equivalent 

digital value by generating a sequence of reference analog signals or sequentially 

comparing the analog input against fixed analog references. Examples include the counter 

ramp and the successive approximation. 

In the integrating type, a digital counter counts the time it takes a reference signal to 

integrate a charge on a capacitor to the analog input signal value. The integrated count is 



then the digital equivalent ofthe analog input signal. A review of ADCs and DACs can be 

found in [8]. 

2.3 Bandwidth-resolution tradeoffs 

As evidenced from Figure 2.6, sigma-delta ADCs attain the highest resolution for 

relatively low signal bandwidths. As shown from the dashed area, an intuitive 

combination of sigma- delta and pipelined (pipelined in order to minimize area and 

component growth) architectures can attain high re so hi ti on cit high bandwidths or 

throughput. 
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Sigma delta 

t 
Successive 

Approximation 

Subranging/pipelined 

Flash 

Signal bandwidth converted 

Fig 2.6. Bandwidth resolution tradeoffs , dashed area shows 
conceptual motivation. 
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2 4 ADC Specifications 

Some ofthe important performance specifications of ADCs are defined. 

Resolution: The smallest analog change that can be distinguished by the ADC. It is 

normally stated in number of bits, e.g., 10 bit resolution. 

Full-scale range: The difference between maximum and minimum analog value that the 

ADC can convert. 

Dynamic range (DR): Ratio of the FSR to the smallest analog change that can be 

resolved. 

Conversion speed: The number of samples converted per second. 

Errors: Conversion errors include quantization errors, offset errors, gain errors and 

nonlinearity errors. 

Consider the dynamic range of an ADC, which is a measure of the range of input 

amplitudes for which the ADC produces a positive signal-to-noise ratio (henceforth 

referred to as SNR). For sinusoidal inputs, the dynamic range is defined as the ratio ofthe 

signal power of a full-scale sinusoid to the signal power of a small sinusoidal input that 

resuhs in a SNR of 1 (or 0 dB). The dynamic range, by definition, is 

rrrl A2^ fjrl /o T̂  / o TV > 2 A 
R= V- ^A 

V 2 12 

v- ^(2Vir')• 

y 2 12 
(2.8) 

This expression reduces to a dynamic range given by 

;? = 6.02A^ + 1.76(dB). (2.9) 

Note that the ratio of 
0^2 Â ^ 

V 2 12. 
is just the peak SNR ofthe ADC for a sinusoidal input. 

Consequently, the dynamic range ofthe Nyquist rate ADC is the same as its peak SNR 

Sigma-delta converters do not necessarily have their peak SNR equal to their dynamic 

11 



range. However, by using the dynamic range of a sigma-delta converter in equation (2 9) 

and calculating the corresponding Â , we will be able to determine the resolution of a 

Nyquist rate PCM converter that would be required to produce the same dynamic range. 

2.5 Pipelined ADCs 

It is worth mentioning here that one method used to achieve higher speeds of 

conversion at reduced circuit complexities and lower broad-band noise introduced into the 

conversion process, is through the use of pipelined conversion stages [8]. 

A typical pipelined architecture uses a number of similar stages labeled Stage 1, Stage 

2, etc., as shown in Fig. 2.7 [9]. All ofthe pipeline stages are similar in construction, 

consisting of a sample-and-hold circuit (SH), a digital-to-analog subconverter (DASC), an 

analog-to-digital-subconverter (ADSC), a subtractor, and a multiply by 2 '̂̂  circuit. The 

symbol mj denotes the number of bits the /' th stage ofthe pipeline resolves. The input Vin 

is first sampled-and-held and then digitized by the ADCS to arrive at the first WQ most 

significant bits (MSB's), represented by d^. This digital code is applied to the DASC to 

produce an analog voltage which is subtracted from the sampled-and-held input. The 

difference represents the residue and is amplified to bring it back to flail scale. This 

amplified residue is then passed to the next stage. The concurrency of operation by each 

stage allows the pipelined ADC to achieve high throughput 

In a pipelined architecture, the growth of the hardware is linear with the number of 

bits resolved. The linear dependence is in contrast with an exponential dependence for a 

classical flash architecture. Also, pipelined ADCs typically need high performance analog 

components, such as op-amps, to perform the functions indicated in Figure 2.5. 

2.6 Limitations of Nyquist rate/UDCs 

For Nyquist rate converters, each signal sample is quantized at full precision or 

resolution ofthe converter. The resolution of such converters implemented in VLSI chips 

is limited by the technology in which these chips are fabricated For example, some 

successive approximation A/D techniques rely on matching of two capacitors to perform a 

12 



repeated division of a reference voltage by 2. If such a converter is to con\ ert signal 

values to N bits of resolution, the required matching on the capacitor components needs to 

,Â  be at least one part in 2 . Matching of components to greater than 10 bits (one part in 

,10 2 ) or equivalently to more than 0.1% is difficult in current VLSI technolog\. High 

resolution Nyquist rate converters are extremely diflficuh to attain in the present integrated 

Stage 1 Stage 2 Stage 3 

Figure 2.7 A general pipelined structure. 

circuit technology without the use of special techniques such as laser trimming of 

components or calibration. Furthermore, if the signal is sampled too close to the Nyquist 

rate, the analog anti-ahasing filter must have a sharp cut-off, which imposes a non-tri\ ial 

design requirement. 

13 



Oversampled PCM conversion is a technique that improves the resolution obtained 

from straightforward Nyquist rate PCM conversion. This improvement is achieved b\ 

oversampling the signal, i.e., samples are acquired from the analog waveform at a rate 

significantly faster than the Nyquist rate. Each of these samples is quantized by an Â  bit 

ADC. It has been shown [5] that the maximum achievable signal-to-noise ratio (SNR) for 

an oversampled PCM converter is. 

SNR^ax =6.02A^+1.76 + 3.01r(dB) (2 10) 

where r is the oversampling ratio in octaves. We see that for every doubling of the 

oversampling ratio, i.e., for every increment in r, the SNR improves by about 3 dB, or the 

resolution improves by about one-half bit. 

Figure 2.8 presents a block diagram of an oversampled PCM scheme showing the 

sampling, the ADC model, and the digital filtering. After low-pass filtering is performed. 

Analog processing Digital signal processing 

Quantizer Digital decimator 

Figure 2.8 Oversampled PCM converter. 

the signal can be downsampled to the Nyquist rate without affecting the signal to noise 

ratio (SNR). The collective operation of low-pass fihering and downsampling is known as 

decimation. In the oversampled case, the noise power is spread over a bandwidth equal to 

the sampling frequency, which is much greater than the signal bandwidth. Only a small 

14 



the sampling frequency, which is much greater than the signal bandwidth. Only a small 

portion of the total noise power falls in the baseband and the noise power outside the 

signal band can be greatly attenuated with a digital low-pass filter following the ADC 

Shown in Figure 2.9 is the power distribution of a oversampled scheme. 

r^ 

P=(0 

Freiquency (J) 

Nyquist rate PCM conversion 

Oversampled PCM Conversion 

Figure 2.9. Quantization noise power 

Another benefit of oversampled PCM schemes is that the analog anti-aliasing filter 

does not need a sharp cut-off. This is because the signal is sampled at a rate much greater 

than the Nyquist rate. Therefore, in this case, the anti-aliasing filter can have a transition 

15 



band between/^ the bandwidth ofthe signal, and f s/2, half the sampling rate, as long as it 

provides very good attenuation beyond f s/2. However, a price is paid in the digital domain 

since the digital filter must attenuate the remaining noise power as much as possible. 

Oversampled schemes trade speed for resolution. The higher resolution is achieved at 

the expense of requiring the internal PCM quantizer to operate at an oversampled rate. 

Analog circuit complexity has also been traded for digital circuit complexity, which is a 

preferable proposition. The limitation of oversampled PCM schemes lies in the fact that 

for high resolution, one needs the oversampling ratio to be high, and the signal bandwidth 

must be small so that the sampling frequency does not exceed the maximum circuit speed 

attainable in a given technology [5]. In light of the above limitations, sigma-delta 

modulators have been designed to incorporate both oversampling and noise shaping 

16 



CHAPTER 3 

SIGMA-DELTA MODULATION A/D CONVERSION 

3.1 Overview 

The basic idea underlying sigma-deha modulation is the use of filtering and feedback 

to improve the overall resolution of a coarse quantizer. The output consists ofthe input 

signal and the filtered quantization error. 

The sigma-delta concept was first described in 1962 by modifying an even earlier 

system known as the deha modulator [1]. The original idea has been modified many times. 

The most important changes have sought to improve the performance of sigma-delta by 

suggesting stable higher order structures e.g. as suggested by Ritchie [10], Candy [11], 

Lee and Sodini [19], Hayashi et al [12], or those that have suggested techniques to 

overcome the strict linearity requirements for multi-bit DACs in the feedback path, e.g., 

Cariey [18], Leshe and Singh [2]. 

Consider the general block diagram of an oversampled sigma-delta modulator in 

Figure 3.1. 

e[n] 

x[n] x(t) 

: ^ 
y. 

Modulator 
and Coder 

Digital 
Decimation 

y[n] 

analog filter sampling 

( f s > f n ) 

modulation/coding digital filtering 

Figure 3.1: General block diagram ofan oversampled sigma-delta ADC. 

In this case, the relationship between the input and output in the z domain is gi\ en as 

Y(z) = H, (z)X(z) + H„ (z)E(z) (3 1) 
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where Hg(z) and H„(z) are the signal transfer function and noise transfer functions 

respectively. It is desirable that Hg(z) not affect the signal in any way other than possibly 

delay it. At worst, it should have minimal effect on the baseband. On the other hand, it is 

desirable that H„ (z) behave like a high-pass filter so as to suppress most of the noise out 

of baseband. 

As noted, sigma-delta converters use oversampling and noise shaping to attain high 

resolution. Oversampling spreads a fixed quantization noise power over a bandwidth much 

larger than the signal bandwidth. Noise shaping or modulation further attenuates this noise 

in the signal band and amplifies it outside the signal band. This has the effect of pushing 

most ofthe quantization noise from the signal baseband into other higher frequencies. The 

modulated output can then be low-pass filtered to remove the out-of-band noise and 

downsampled to the Nyquist rate. It should be pointed out that the price of attaining high 

resolution is incurred in speed, as the hardware has to operate at a oversampled rate, 

coupled with an increase m the complexity ofthe digital filtering hardware. 

3.2 First-order Sigma-Delta converter 

Consider the first order sigma-delta modulator. 

Low-pass filter/ 
Decimation 

Fig. 3.2 Fu-st-order sigma-delta modulator A/D system. 

A block diagram of a classical first-order sigma-delta modulator A/D system is shown in 

Figure 3.2. The modulator consists of a filter H(z), an internal quantizer, and a digital-to-

18 



analog converter (DAC) in the feedback path. The fiher H(z), often called the feedfonsard 

. - 1 
loop filter, is usually a discrete time integrator whose transfer fimction is -^ T- . In the 

\-z ^ 

following analysis, the linearized model replaces the quantizer with a white noise source 

e(z). If the DAC is ideal, it is replaced by a unity gain transfer fianction. The integrator 

and the rest of the analog circuit are typically implemented in switched capacitor (SC) 

technology. Consequently, the sampling operation is not shown explicitly. 

The modulator output can be given by 

y(z) = x(z)z-^ +e(z)(\-z-^). (3.2) 

From equation (3.2), it can be seen that the signal transfer fianction is a simple delay whilst 

the noise transfer function is a first-order difference or high-pass filter. The corresponding 

time domain version ofthe output is 

yfnj = xfn - \J + efnJ- efn -\]. (3.3) 

Let us now examine the DAC and its effect on the performance of the converter. The 

DAC is required to be nearly as linear as the overall conversion resolution. Any DAC non-

linearity can be modeled as an error source that adds directly to the input. This error 

source benefits from the oversampling but unUke e[n], is not subject to noise shaping. 

The magnitude spectrum of first-, second- and third-order noise shaping functions are 

shown in Figure 3.3. 
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Figure. 3.3 Noise transfer functions ofthe form H(z) - (I - ' / ' 

From Figure 3.3 notice that at high values of n, we obtain more effective suppression of 

quantization noise at low frequencies but have more gain at high frequencies, meaning 

larger dynamic range circuits are required for implementation, .\nother point to note is 

that the noise-shaping function (NTF) is not always constrained to be of the form shown 

in Figure 3.3 where all the zeros are located at D.C. In fact, one problem encountered with 

NTFs of Figure 3.3 is the large high frequency noise shaping gain for large values of//. 

The idhng waveform at the comparator input becomes very large, resulting in a low 

comparator gain and hence instability Modulators that realize non-monotonic NTFs that 

are high-pass filters will be discussed later on. 

Figure 3.4 compares the noise shaping functions with N>quist rate samplers and a 
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Figure 3.4. Comparison of noise levels in various schemes, 

PCM oversampler. Notice that the baseband noise is considerably reduced by the noise 

shaping functions. 

3.3 Digital decimation and fihering 

Filtering noise which may be aliased back into baseband is the primar\' purpose ofthe 

digital filter. It also performs a sample rate reduction (decimation). In-depth treatment of 

this important function can be found in [10, p. 377-471] and [13, section 7]. 
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3.4 Dynamic range of sigma-delta modulators 

In an L-th order modulator, containing L integrators in the forward path, the noise 

shaping function is an L-th order difference with the following transfer function. 

H{z) ={l-zt. (3.4) 

Let us consider the case where the input signal is sampled at a rate f^ = Mffj where M is 

defined as the oversampling ratio and fj the Nyquist rate. The spectral distribution of 

the quantization noise after shaping is the product of the shaping function times the 

spectral density ofthe error produced by the quantizer. 

See(f) W(z)\ 
z-e 

27ri/r 
L/5J 

(3.5) 

Substitution of (3.4) into (3.5) yields. 

2L S ,,(f) = (2siniifr) "-"^SQ/fs (3.6) 

where ^Q 

.2 f 

12 

2V \ 

V 2 ^ - l ^ 
712 = 712 (3.7) 

Note that in (3.7), A is defined as the quantizer step size and Â  and 2V are defined as 

the bit resolution and the input range ofthe quantizer, respectively. Integration over the 

baseband gives the total power ofthe in-band quantization noise as. 

+ /;/ 2 
Sh = 1 S(f)df ^ 

-fn'^-

TT 
21 

2Z + 1 
fs 

y.fn) 

^2^+1 y(^v\ 2V 

v - ^ y / / / 
» i (3.8) 
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(It is assumed that .S7/?[7r/7A^ .̂] ^ [nf / Mf^] sin ce [nf Mfs]«\ ). From (3.8) 

we can derive a usefial expression for the dynamic range of the sigma-delta modulator as. 

/)i? = 6.02A^ + 3.01r*r2I + i; + 10/o^l0i^^2l^ 
I ^' 

(3 9) 

where r is the oversampling ratio defined in octaves. 

Equation (3.9) indicates the three degrees of freedom in the design of a modulator, 

namely, the noise shaping order I , the oversampling factor Af, and the quantizer 

resolution N. For instance, a first-order single-bit system requires .M > 2800 to achieve 

100 dB resolution, while minimum ratios required for second- and third-order systems are 

only 167 and 51, respectively. First-order modulators are therefore not attractive in 

appUcations where high-resolution is desired, unless the signal bandwidth is \ er\ low 

3.5 Fligher-order modulation 

The ideas presented previously can be extended to create sigma-delta topologies that 

provide different trade-offs among resolution, bandwidth, circuit complexity, and 

modulator stability. These trade-offs can be made between higher-order, multi-bit and 

multi-stage (cascaded) topologies. 

3.5.1 Second-order modulation 

The second-order architecture presented by Candy [11] is widely used. Figure 3.5 

shows the Candy structure. The modulator realizes the output equation ofthe form 

y(z) = x(zjz~^ + e(z)(l - z " ^ / . (3.10) 
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Figure 3.5. Second-order sigma-deha modulator due to Candy [11]. 

Note that the modulator now contains two integrators. The transfer function of the first 

one is 1/ (1-z" ) and that ofthe second one is z"V (1-z'^) . In practice, what this means is 

that the arrangement ofthe clocking schemes in a switched capacitor implementation will 

be modified to realize the appropriate transfer function [14] . 

3.5.2 Third-order modulation 

A third-order noise shaping function can be realized by employing a three-loop 

structure as shown in Figure 3.6. In practice, it can be reaHzed with a multi-level quantizer 

that does not overload [11]; but the circuit is much more sensitive to circuh values than 

the first- and second-order ones. For example, the equivalent linear circuit of this 

modulator becomes unstable with quantizer gains G in excess of 1 15 compared to 2.0 and 

1.33 for first- and second-order modulators [1, p. 21]. 

Figure 3.6 shows a third-order loop which basically consists of three integrators 

embedded in a sigma-deha loop. More seriously, the third-order circuit is also unstable 

when hs quantizer gain falls below 0.3. When the quantizer saturates, hs effective gain 

falls, and this usually resuhs in an instability in which the circuh settles into a large-

amplitude low-frequency limh cycle. In this state, the chpped signals fed back via the two 

inner feedback paths are small compared with the signals emerging from the integrators 

Properties ofthe outer loop dominate; it contains three integrators and a delay, a strong 
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Figure 3.6 Third-order sigma-delta loop. 

basis for instability. Unembelhshed, two-level, third-order sigma-delta modulators cannot 

escape from this condition. The circuits can be made stable by clipping the outputs of the 

integrators or including other nonlinearities that make the inner feedback effective when 

the quantizer saturates. The noise performance of these modified modulators becomes 

considerably worse than predicted by (3.9). 

3.5.3 Cascaded Sigma-Deha topologies 

A different approach for the design of stable high-order sigma-delta modulators was 

presented in [12] (proposed under the generic name MASH, a somewhat mangled 

acronym for Multi-stAge noise SHaping). It was proposed to make use of a cascade of 

low-order noise shapers, which, together whh dighal filters, implement an high-order 

shaping on the quantization noise. In this case, no particular stability risks exist but on the 

other hand, special care has to be taken in the design of the integrators to prevent the 

leakage of unfihered quantization noise to the output. This makes the practical 

implementation somewhat difificuh. Some ahernative topologies have been proposed 

which use ehher second- or mixed-order noise shapers rather than first-order ones, 

allowing efficient reduction of such effects [15, 16]. 
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Figure 3.7 shows one possible MASH structure [12]. The structure consists of three 

first-order modulators in cascade, with the quantization noise of the first stage fed to the 

second stage input and likewise for the third stage. The quantization noise is extracted b\ 

taking the difference in signal levels across the quantizer. The second and third stage 

outputs are digitally differentiated once and twice, respectively, and combined with the 

first output with appropriate delays to give the final output. Performing a linearized 

analysis yields. 

yi(z) = x(z)z~^ +e^(zX\-z~^)z~^ (3.11) 

y2(z) = -ei(z)z-^(\-z-^) + e2a-z-^)z-^(\-z-^) (3.12) 

y^(z) = -e2(z)z-^a-z-^)^+e^a-z-^f (3 13) 

The output is then computed as 

y(z) = yi l(z) + y2 (z) + y^, (z) 
(3.14) 

which reduces to. 

- 3 . ._, , /i - l i 3 y(z) = z-'x(z) + (l-z-'re^(z) (3.15) 

The third-order noise shaping arises from the cancellation of the stage-one noise by a 

stage-two correction, and the stage-two noise by a stage-three digital correction. It should 

be noted that component matching errors and limited amplifier open-loop gain degrades 

the cancellation process thereby leaking first and second shaped noise terms into the final 

output to reduce the overall SNR. 
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Figure 3.7 Triple first-order cascade network. 

The effects of component mismatches and non-ideal analog components can be 

aheviated by cascading second-order or mixed-order (i.e., first- and second-order) 

structures. Ribner [15] has performed a detailed comparative analysis ofthe sensitivity to 

mismatches by various high-order cascaded modulator networks. 

3.6 Multi-bh sigma-delta 

Instability in high-order single-bit modulators is due to insufficient number of bhs in 

the quantizer and feedback DAC. Thus stable high-order structures can still be 

implemented provided enough number of bits are used in the quantization process. Also, 

the primary advantage of noise-shaping modulators emplo>ing multi-bit quantizers is that 

the ratio ofthe total quantization noise power to the signal power at the modulator output 
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can be reduced by about 6 dB per additional bit. Therefore, we can increase the o\erall 

resolution of any oversampled converter, without increasing the oversampling ratio, 

simply by increasing the number of levels in the internal quantizer Equivalently, the multi-

bit noise-shaping coder can achieve resolution comparable to that of a single-bit modulator 

at a lower sampling rate. This performance increase can be significant in applications 

requiring high bandwidth; for example, digitizing video signals. Another advantage ofthe 

lower clock rate possible with multi-bh modulators is the decreased pow er consumption in 

the digital circuitry 

3.6.1 Traditional topologies 

The principal drawback of single-stage multi-bh modulators is the required DAC 

converter linearity, which is inconsistent with the low accuracy circuit advantage of sigma-

delta converters. This is because nonlinearity errors from the DAC appear at the 

modulator output without incurring any shaping. Several suggestions have been proposed 

to overcome this drawback: element trimming, dynamic element matching and digital 

correction techniques [1, 17, 18]. A common feature of these approaches is that they are 

either expensive or not weh suited for high dynamic range conveners, e g , in some cases, 

the DAC error is not completely canceled but is just reduced to a suitable extent. 

3.6.2 The Leshe-Singh architecture 

The basic Leshe and Singh [2] scheme is shown in Figure 3.8 The topology uses 

multi-bh quantization with single-bit feedback. The structure thus avoids the strict linearit\ 

requirements imposed on the feedback DAC in conventional multi-bit topologies. The 

main idea is the introduction of a multi-bit forward path which converts the output of the 

integrator. By proper dighal fihering, the large single-bit error can be exchanged for the 

finer muhi-bit error at the output ofthe modulator. 
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Figure 3.8 The Leshe-Singh modulator 

Analysis ofthe system gives the output as 

y(z) = A(hi + h2)X+ (h^B + /?2^ - /?2v'̂ l + ^2^2 (3 16) 

where A and B are the signal and noise transfer functions of the single bit loop, 

respectively. The large single bit error can then be canceled by satisfy ing 

h, 1 

h h 
( 3 17) 

If the overaU signal transfer function and A are both chosen as k clock delays, i.e.. 

A ^ A(hy + h2) ^ z~\ (3 18) 

then the design equations become 

//, = 1 - 5 , h2=B and (3.19) 

Y = z~^X+Be2 (3.20) 
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3.7 Some alternative modulator structures 

Various other sigma-deha schemes have been proposed. This section briefly presents 

some ofthe notable structures. 

3.7 1 Error feedback 

Noise shaping quantization was first introduced using the structure shown in Fig 3.9 

[1, p. xvh]. In this circuit, the difference between the input and the output of the quantizer 

is a measure of the quantization error which is feed back and subtracted from the next 

Figure 3.9 Error feedback topology 

input sample. This circuh is algebraically equivalent to a classical sigma-deha modulator. 

The modulator output is given as 

y(z) = x(z) + e(\ - F(z)) (3.21) 

Equation (3.21) shows that a first-order modulator may be obtained with only a single 

delay, Ff̂ z; = r ~ ^ a second-order modulator with a simple two-tap fiher with weightings 

of 2 and -1. This topology is not used in ADCs, because it has the serious practical 

disadvantage that inaccuracies in the analog subtractors have a strong impact on the 
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modulator's properties. For this reason, only dighal implementations of sigma-delta 

converters use this structure. 

3.7.2 Modulators with Nonmonotonic transfer fianctions (NTFs) 

Modulator topologies are not constrained to always realize finhe impulse response 

(FIR) NTFs as we have seen until now or to realize all the M F zeros which provide 

attenuation at DC frequency. In fact, distributing the zeros over the signal band rather 

than placing them aU at DC frequency can be more efficient in pushing quantization noise 

outside the signal band. Examples of such topologies can be found in references [19-22]. 

Consider Figure 3.10 which shows a general filter function H(z). 

Y 

Figure 3.10 General sigma-delta modulator with loop filter H(z) 

The output is given as 

y(z) = . ^t{ , X(z) + — ^ E(zJ 
1 + H(z) 1 + H(z) 

(3.22) 

An example of a modulator that implements a non-monotonic VTF is shown in Figure 

3.11. 
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The modulator is developed by embedding cascaded integrators within a recursive 

feedback loop. Note that the feedforward and feedback coefficients offer the flexibility in 

specifying the loop filter and the NTF. The loop filter and NTF can be expressed as 

^^^^ ^ ci\{z-Xf ^+a2(\-zf ^+...a„_i(z-\) + a^ 

(z-\f+bi{z-\f-\..+b. 
(3.23) 

bn Feedback coefficients 

- ^ < 

©-Xl 
X 

rr\ €>-€ 

Feedfoiward coefficients 

'ff A 

Figure 3.11 Sigma-deha modulator with cascaded integrator 
loop fiher structure. 

n-l 

and NTF{z) = {z~\r+b,(z-\r-'+...b, 
{z-\f +(ai +bO{z-l)"~^+...a„ +b„) 

(3.24) 
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Other notable sigma-delta structures include band-pass converters that offer efficient 

signal processing for dighal wireless devices and parallel sigma-delta techniques. A 

detailed analysis and references can be found in [5]. 
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CHAPTER 4 

PROPOSED SIGMA-DELTA ARCHITECTURES 

4.1 Motivation for Wide-Band Sigma-Deha 

Apphcations using actual sigma-deha converters fabricated in VLSI are presentK 

restricted to operation in bandwidths below the Mega-hertz range, e.g., instrumentation, 

audio, speech, ISDN, dighal cellular radio and ultrasound [5]. This is because the high 

resolution achieved comes at the expense of operating at highly oversampled frequencies. 

Thus to convert a large baseband, the modulator needs to sample at frequencies which are 

currently limited by process technology. The other option is to use multi-bit quantizers to 

increase the SNR, typically by 6 dB for each additional bit. Therefore, we can increase the 

overall resolution of any oversampled converter, without increasing the oversampling 

ratio, simply by increasing the number of quantization levels. Equivalenth', the multi-bit 

noise-shaper can achieve resolution comparable to that of a single-bit modulator at a lower 

sampling rate, which would reduce the speed at which the analog front end operates 

Therefore utilizing multi-bit quantizers can conceivably be used to extend sigma-delta 

converters to wide bandwidth applications. However, as explained in section 3.6, a way to 

manage or altogether avoid the very strict DAC linearity requirement has first be 

established. 

Only recently, a pipelined sigma-delta device which achieves 16 bits of resolution at 

an output data rate of 2.5 MHz has been reported in [3]. This reflects the continuing 

efforts to extend high resolution at high bandwidths. Sigma-delta topologies that are 

suitable candidates for wide-band applications by enabhng the exploration of both higher-

order structures and the use of muhi-bit quantization are proposed in this chapter. 

4.2 Muhi-bh Sigma-Deha whh Single-Bh Feedback 

A family of oversampled sigma-deha topologies that incorporate muhi-bit quantizers 

with only single-bh feedback is proposed. A common advantage of these topologies is that 

they also allow the muhi-bh ADC to be implemented in a more economical and wide-band 
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pipeline structure, since the multi-bit quantizer is not positioned in the sigma-delta loop 

but in a forward path which can tolerate pipelined conversion latency if necessary - thus 

addressing the objective of this Thesis. In traditional designs, a pipehned ADC positioned 

in the sigma-deha loop must not introduce any latency into the s\stem or otherwise it 

would become noncausal [1]. 

4.3 Topology with Digital Filtering 

Figure 4.1 shows the initially proposed topology applied to a first-order modulator. 

From the point of view of this work, this is an important topology which will be extended 

and used as a key building block of subsequent structures. 

Performing a linearized analysis, the modulator output becomes 

y(z) = x(z)z ^+eifz)(\-z ^) + (e^ - ciJFfzj (4.1) 

The coarse single-bit error can then be canceled by choosing the digital filter Ffz) as 

FfzJ = a-z-^). (4.2) 

For the case of second-order noise shaping, the digital fiher function would then be chosen 

as. 

F(z) = n-z-^)^. (4.3) 

For an n-th order modulator, the dighal fiher would be an nth-order differentiator (Note 

IC implementation of this topology has since been pubhshed in [3].) 

For third-order noise shaping, the fiher Ffz) is chosen to be as a third-order 

differentiator. 
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Note that the circuit is senshive to leakage of the single-bit noise due to the finite 

gain of the input operational amplifier. This noise leakage may limit the achievable 

accuracy if the resolution ofthe multi-bit ADC in the forward path is high. A way to limit 

such effects has been suggested in [3] and [23]. Highly accurate feedback DACs are used 

to mitigate leakage effects in [3]. In [23], an adaptive self calibrating digital scheme is 

proposed. 

ei 

^M©—. f 

DAC 

X+> X 

© 

Analog 

y F(z) 

Dighal 

Figure 4.1 Multi-bh sigma-deha whh single-bh feedback. 

The system of Figure 4.1 has been simulated in SIMULINK [6] using a test signal sine 

wave at 2.6 kHz, a baseband of 20 kHz and an oversampling ratio of 64. Fig. 4 2 shows 

the simulation setup of a second-order system and the resuhing baseband spectrum. Such 

power spectra are often used to numerically compute the in-band SNR. 
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Figure 4.2: Simulation schematic diagram (top) and baseband spectrum (bottom) 

Figure 4.3 shows the signal-to-noise ratio versus the input signal level. For this simulation, 

the baseband is again set to 20 kHz and the oversampling ratio to 128. The resolution of 

the forward path quantizer is 4 bits. Figure 4.3 shows the SNR \ersus input signal range 
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(with reference to the full-scale-range, which is defined as the input signal which if 

exceeded will result in the internal quantizer overloading.) The dynamic range, DR, ofthe 

4-bh topology can be determined by looking at the amplitude value for which the SNR is 0 

dB The peak SNR is about 106 dB and DR is about 110 dB, which, from equation (3 11), 

yields an equivalent resolution of about 18 bhs. 
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•100 
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Input signal level (dB) 

-20 0 

Figure 4.3- Input signal level versus SNR for second-order modulators. 

4 4 Pipelined topology with analog and dighal fihering 

Figure 4.4 shows an extension of the basic topology introduced in the preceding 

section. This modulator employs a pipehned structure. The residual signal from the 

previous stage is filtered and quantized in the following stage. Bit re-order logic and error 

cancellation are performed in the digital section. 

38 



-"̂"̂  r̂v-̂  
+ ^ ̂  l/(l-z-') 

4i-o 

^̂ 1 

DAC -

^m\ 

- r ^ 

*h-
— • 

Fa 
- > T — 

iL 

^m2 

^ +tr \ L 

- , Fb 

V ~ \ ><̂ ). 

-1-

J 

Fc 

Figure 4.4. Pipelined topology whh analog and digital filtering. 

The modulator output is computed as 

-1 
y{z) = xz +ei{\-z ) + [{em\-n) + {^ml~ Pa^'m\)hyc (4-4) 

By the proper choice of the analog and digital fiher, we can cancel the coarse single-bit 

error and the pipelined residual errors except the last. 

Without loss of generality, consider the case when 7^ = —. F}y = (\-bz~^) 
\-bz 

- 1 and Fc = \-z . where ^ < 1 to ensure stability. The output becomes 
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y(z)^x(z)z ^+e^2(^-bz ^)(l-z ^). (4 5) 

Both simulation and analysis shows that it is desirable to make the value of b in (4.5) as 

close to unity as possible in order to improve noise shaping. 

^ 
Sine 

SI 
Sum 

Sum? 

bz 

1/2 

Sum2 Unit DelayS 

dL 

Quantizer2 

Sum5 

3? 
dL 

Saturation Sign 

Quantizers 

bz" 

Sum3 

Sum4 
1/z 

Unit Delay3 

Output 

Sum 

Sum6 

Sum8 

Figure 4.5: Simulation setup. 

Figure 4.5 shows the simulation setup where a classical first-order modulator is employed 

in the first (top) stage. 

Figure 4.6 shows a comparison of the FFT-based power spectra of the proposed 

system and a traditional second-order modulator for a baseband of about 20 kHz (Audio) 

and oversampling ratio of 64. Simulation resuhs indicate that the quantization error from a 

5-bh quantizer in the first stage ofthe pipeline can be taken through the analog filter with 

b=o.999 with stable operation, i.e., the output is constrained to within the full-scale range 

ofthe pipeline ( +1 to -1). The second-stage pipeline ADC is chosen to be 4-bhs. This 

arrangement achieves an SNR of 100 dB for the system. A SNR of about 80 dB is 

obtained with a tradhional 9-bit first- order system. 
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Figure 4.6. Baseband Power spectra. 

By cascading more stages, we can obtain a output ofthe form 

X , X i - 1 , / I Z, - 1 ; W / I - 1 » " 

yfzj^xfzjz +ey^2(^-^- ) (^-~ ) 
(4.6) 

where m and n are the number of pipelined stages and order of the sigma-delta in the first 

stage, respectively. 
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4.5 Topologv with filtering and modified error feedback 

The topology in the previous section can be further improved as shown in Figure 4.6 

whereby filtering and modified error feedback are featured. 

\ ' 

Figure 4.7: Modulator with fihering and modified error feedback. 

Using a linearized analysis, the output is computed as 

-1 y{z) = xiz)z-' + e(z)(l - z"^) + {e^i(z)(l - F.Ff,) + e„aiz)iFb - F) - e{z)}F,(z). (4.7) 
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Therefore by the proper choice of the analog and digital filters, we can cancel the 

coarse single-bh error, e(z), and emi(z) while at the same time performing a suitable noise 

shaping on the multi-bh error em2(z). 

The design equations then become 

F^(2)F^(z) = l (4 8) 

F,{z) = (\-z-^) (4.9) 

with a provision that the term {Fb(z)-F(z)} should perform additional noise shaping 

beyond that performed by the preceding sigma-delta loop. The final output then yields 

y(z) = xiz)z-^ + e,,a iz)(Ff, - F)(\ -z'^). (4.10) 

For example, consider the case shown in Fig. 4.7 where the first stage is a first-order 

sigma-delta and we want (Fb - F)= (1-z'^). Subject to (4), we can now choose Fa = Fb =1 

and F(z)=z'\ However, since it is necessary to bring the first pipeline residual error to full-

scale, a better choice would be the case Fa = k, Fb = 1/k. This would then have 

F(z) =z'̂  /k. The output then takes the final form 

y(z)=x(z)z-^ + en^(l-z-^)Vk. (4 11) 

Incidentally, a different class of modulators that achieve a noise shaping similar to (6) has 

been proposed in [24]. 

Higher-order noise shaping can now be obtained by increasing both the order of the 

sigma-delta modulator and the (Fb - F) term. The analog filters are chosen to maintain 

stability and relative ease of implementation. For instance, we may, without loss of 

generality, choose Fa (z)=l/(l-bz"^ ), where |b|<l, Fb (z)=(l-bz"^ ) and F(z)=cz'^-z'^ such 

that(Fb -F)=(l-z-^)' 
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This topology wih be relatively tolerant of analog circuit inaccuracies since any 

mismatches arising out of the multi-bh quantizers, analog filters and subtractors, w ill all 

see a path that is high pass filtered by Fc(z). This is in contrast to the classical error 

feedback topology whose performance is greatly affected b\ any analog circuit 

inaccuracies that may occur. 

From the point of view of this topology, h will be necessary to improve the pipeline 

process since the effect ofthe first-stage quantizer is not seen at the output. For this to 

happen, we can refer to equation (3.9) and satisfy the relation. 

^^ A^-5/31og{(2I + l)/(n^^-^^) 

1 + 1/2 ^ • 

where r is the oversamphng ratio in octaves, Â  and L are the number is bits in the first 

stage of the multi-bit quantizer and the order of the noise shaping implemented b\ the 

filters, respectively. This means that the extra hardware incurred will be providing a 

benefit beyond that which would be obtained by pipehning the two lumped quantizers 

directly, as is done traditionally. This is indeed a key point which should be noted. 

The simulations shown below demonstrates the potential of this modulator to perform 

wide-band conversion at low oversamphng ratios. For this simulation, the sampling 

frequency is set to 20 MHz with a oversampling ratio of eight to gi\e a baseband of 1 25 

MHz. Figure 4.8 shows the comparative performance of various modulators. In this 

case, second-order sigma-deha modulation is used. The proposed topology also 

implements a extra second-order noise shaping via the analog filtering term thus 

effectively giving an overall fourth-order noise shaping. The multi-bit quantizers resolve to 

4 bhs. Figure 4.9 shows the simulation setup ofthe proposed topology in SIMULINK [6] 

where b=0.99 and c =1.01 which gives (Fb - F)= (1-z"^ f with reference to Fig. 4.7. 

Figure 4.11 shows a typical baseband spectrum. The SNU is about 100 dB, which 

provides the equivalent of about 16 bhs oxerah resolution. 
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Figure 4.8. SNR versus input signal level. 
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Figure 4.9. Simulation setup. 
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Figure 4.10 Baseband spectrum. 

In summary, the topology presented in this section provides a alternative means of 

achieving higher-order noise shaping beyond that provided by the sigma-delta loop which 

precedes the pipelining process. The contrast here is the hardware required to provide the 

additional noise shaping and that which would be required using classical sigma-deha 

loops. 
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CHAPTER 5 

CIRCUIT DESIGN AND IMPLEMENTATION 

5.1 Introduction 

The main components in standard sigma-deha modulators are an integrator, a one-

bh analog-to-dighal converter (ADC) and a one-bh DAC. Typically, sigma-delta 

modulators use swhched capachor (SC) integrators. The constraints are samphng speed 

and distortion. 

The advantages of SC technology over conventional continuous time (which use 

resistor-capachor networks) technology are [1]: 

Ease of simulation; 

Compatibility with VLSI CMOS process; 

Insenshivity to clock jitter as long as full settling occurs; 

Insensitivity to exact shape of op-amp settling waveform as long as fiall settling occurs; 

Pole and zero locations are set by capacitor ratios, which are highly accurate; 

Insenshivity to exact shape of op-amp settling waveform as long as full settling occurs. 

The drawbacks are not severe but include the large capacitors required for high SNR 

(kT/C noise limit), the difficulty encountered in prototyping and the fact that large spike 

currents drawn by capacitors are hard to drive from external sources. They are also more 

prone to picking up digital noise and aliasing of out-of-band noise. 

5.2 Low distortion, high speed SC circuh design 

From (3.9), the dynamic range of sigma-deha converters increases with the sampling 

rate. Therefore maximizing the sample rate for a given bandwidth is important in high 

resolution apphcations. The concept of double samphng [26] has recently been used to 

increase the sampling rate. Whh this approach, the maximum sampling rate can be 

increased by an order of magnitude to 1/T, where T is the op-amp settling time, without 

introducing a new technology. 
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The fundamental technological constraints are speed, thermal noise, matching and 

accuracy. 

5.2.1 Distortion in SC Integrators 

The main causes of distortion in switched-capacitor (SC) circuits are normally 

introduced by 

1 non-linearity ofthe capacitors, 

2. gain non-linearity ofthe op-amps, 

3. finite slew rate ofthe op-amps. 

As an analytical exercise, consider distortion due to capacitor nonlinearity. A typical 

single-ended SC integrator is shown in Figure 5.1. The integrator is operated by a two-

phase non-overlapping clock as shown in Figure 5.2. Cg and Ci are the sampling and 

integrating capacitors, respectively. The charge balance equation for this circuit can be 

written as 

C2Fo[(« + i/2)rc]-C2Fo[(«-i/2)rc] = -r^F/(^/rc), (5.1) 

c. 

Figure 5.1 Single-ended SC integrator. 
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Figure 5.2 Two-phase non-overlapping clock. 

where Tc is the sampling period. To simplify the notations, v J, v^, and v, will be 

used to replace Fo[(« +1/2)^^], Fo [ (« - l /2 ) rc ] , and V{nTc). respectively 

Equation (5.1) then becomes 

C2V0-C2V0 = -CsV\. (5.2) 

Let us assume everything else is ideal (i.e., ideal op-amps, switches, no parashics, etc.) 

and the only non-ideality comes from the voltage dependence of the capacitances. 

Expressing the capacitance as a function of voltage and expanding in Taylor's series, 

C/(v) = ^(v)/v = C/o(l + « l^ + «2V^+...) /=1,2. (5.3) 

If we retain the first three terms only, the following expressions are obtained for 
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(){v)^Gjoil + a\v + a2^+-) i = l 2 (5 4) 

Here Tio-Cio are the nominal values of the capachors at quiescent \ohage, and 

ai and a2 are the linear and quadratic vohage coefficients ofthe capacitance, .\ssume 

that ajand a2 « 1. By substituting (5.4) into (5.3) and rearranging the terms, the 

above equahty can be approximated by 

v j - v o 
no 
^20 

v/ - «1 vj(-vj + vo+vo)- a2 vj -^'? + (v5)^-v+Vo+(vo) ' 

(5.5) 

Comparing (5.5) and (5.3), it is obvious that each vohage step now includes the errors 

caused by nonlinearity The second and third terms can also be considered as the input 

referred errors caused by the capacitor nonlinearity. 

The nature ofthe error terms in (5.5) can be seen more clearly by considering the 

sinusoidal case. The voltages v/ and vJ in the error terms of (5.5) can be approximated 

to the first-order by the input and output ofan ideal integrator [28], i.e., 

v/ = ViCOSwo^Tc 

+ v J - r o S i n ) i . o ( ^ ± l / 2 ) r c (5.6) 

ClO Vi 

C20 ^.:^^^oTc 
siviMoin ± 1 / 2 ) . 

2sm 

Here T/, vi'o are the amplitude and the radian frequency ofthe input signal, respectix ely. 

and Tc is the period ofthe sampling clock. Substituting (5.6) into {'^ ̂ ), we obtain 
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v j - v o ^ —-^Vj[coswofJTc-^ 
C20 

+aiAcosi2wo"Tc + ^2)+ •• 
(5.7) 

where A, B are the amphtudes and 02,03 are the phase angles ofthe harmonic terms, 

respectively. The error terms in (5.7) are input referred. When observed at the integrator 

output, the second and the third harmonics are 

WnT o^ c 

HD2-aiA — 
smwoTc 

(5.8a) 

'ilM-i)- ^oTc«l (5.8b) 

sin 
WoTc 

HD3^B 
sm 

(5.8c) 

CX2 
r 
vi + 

v^] 
M o r c « i (5.8d) 

It can be seen from (5.5) that for a fully differential mtegrator, the squared terms (the 

terms associated with a 2 ) in the poshive and negative outputs cancel each other and no 

second-order harmonic is generated m the differential output. 
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It can also be shown [27] that harmonics introduced by op-amp gain nonlinearity can 

be canceled to first-order by using a fiilly differential approach. Other advantages of using 

the fiilly differential approach include a better power supply rejection (PSRR) and the 

reduction of clock feedthrough. On the other hand, the differential approach increases the 

area and complexity ofthe chip. 

5.3 Integrator Analvsis 

Let the ideal integrator transfer function be ofthe form. 

H(z) = 
1 

(5.9) 

The baseband gain ofthe integrator described by (5.9) is very high. Therefore distortion 

due to circuit non-idealities occurring after the first integrator will be greatly suppressed 

when referred back through the integrator. The same reasoning can be applied to 

succeeding integrators to conclude that enough benefit is gained from one order of noise 

shaping to make the first integrator the only one that requires special design consideration. 

Non-ideal integrators suffer from pole and gain errors which are responsible for spurious 

noise transfer flmctions that limit the dynamic range of the modulator. Consider the basic 

SC non-inverting integrator of Fig. 5.3 and define .4o as the amplifier DC gain, ^ = - f as r, 
the ratio between the sampling and integrating capachors and Ag is a mismatch 

Ci 

Figure 5.3 . Basic non-inverting swhched -capachor integrator. 
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The integrator transfer function is. 

H(z) = (g-^)z -1 

i-ri-p> -1 (5 10) 

where a and (3 are integrator gain and pole errors given by, 

/3^Ag + {\ + g)IAo 

a^g/Ao-
(5.11) 

Other integrator parameters are the maximum frequency the integrator can be clocked 

and still meet specifications, the input impedance, the input referred thermal and flicker 

noises, the maximum output signal swing and the signal-to-distortion ratio. 

As mentioned in section 5.2, actual implementations use fully differential circuits. A 

fully differential switched capacitor integrator is shown in Fig. 5.4. During phase 1, the 

signal is sampled and it is integrated during phase 2. 

o 

V 
o 

Figure 5.4 Fully dififerential swhched capacitor integrator. 
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Analyzing fully differential circuhs directly can be both complicated and redundant. A 

good approach is to take advantage of the symmetry of the circuit and use Barlett's 

bisection theorem [14], to create single-ended circuhs for the differential and common-

mode responses. It can be shown [1, p. 339] that the integrator difference mode and 

common-mode response can be given by, 

< = - Q f ^ - ^ (5 ,12) 
^2 1 - -

v f ^ = Qdll^ (5 13) 
i - z - ^ + Q / r 2 

where v^ , Q , vf^ and Qf^ are the differenfial output vohage, differential charge 

injected, common-mode output vohage and the common-mode charge injected per cycle, 

respectively. 

The swhches are implemented whh MOSFETs. N-channel devices are used for the 

summing junction switches because they have one side connected to analog ground or to 

the summing junction ofthe op-amp. With the proper switching arrangement, the op-amp 

summing junction will also be at analog ground, independent ofthe input signal level. By 

choosing analog ground to be a low enough voltage, it is only necessary to use an N-

channel device. Fuh CMOS transmission gates are used for switches that are connected to 

a signal source or an op-amp output. This is because they must conduct over a wide range 

of vohages and can be optimized to minimize the charge feedthrough problem and the 

finite-on resistance value. 

5.4 Operational Amplifier 

A high performance operational amplifier is key to meeting the system specifications 

required by the modulator. The op-amp is designed to achieve fast settling because in 

swhched capachor implementations, if the op-amp is fast enough to ahow the circuit to 

settle completely, the exact nature ofthe settling is unimportant. Thus, if the amplifier is 
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fast enough, slewing during the settling time and vohage-dependent settling uill not 

impact the overall circuit performance. A good choice for the op-amp is one with a folded 

cascode structure. 

5.4.1 Operational Amplifier Analysis 

Figure 5.5 shows the circuh schematic of the proposed fiilK-differential folded 

cascode op-amp. It realizes a wide and stable closed-loop bandwidth and reduced settling 

time for a capacitive load. 
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<— 
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Figure 5.5 Fully differential folded cascode op-amp. 
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Transistors M9 and MIO are folded cascode transistors. Transistors M5 to .\18 form 

cascoded current sources. The biasing current in the device is set by .\14 The current 

through Ml 1 and M12 is made equal to that through the input transistors 

5.4.1 1 Differential Gain. The only high impedance point in the circuh is the output 

node. All other nodes are at resistance level l/g^ . The output resistance r^^^^ consists of a 

resistance looking into M8, r^uti. in parallel with one looking into MIO, called r^^^tlO 

^out = ^outl / 'owrio (5 14) 

with f'our - Sml^'01^09 ' 

and r^um = ^olO (SmblQ + Sml^XroA^oX (^oA "̂  'o V) 

The gain Ao is then given by 

^ =gm\rout- (-̂  1?) 

Notice that this circuh is realized in an n-well CMOS process. .As a result, g,nb\o appears 

in the expression of A'OIZ/IO because hs bulk cannot be connected to the source. 

5.4.1.2 Unitv Gain Frequency. Since there is only one high impedance node, the 

unity gain frequency (gain-bandwidth) is given by 

fu= ^^ (-'16) 
2TI(CI + Q I O ; 

where C„\Q is the capachance at the output node of transistor MIO. 
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5.4.1.3 Phase Margin (PM). For the phase margin, the non-dominant poles also come 

into play [13, p. 589]. After analysis, the value of the phase margin PM is given 

approximately by 

PM = 90'' - arctan( ^^ ^ "\ ; (5.17) 
gm\0 +^w/)10 Q + Q l O 

where (\i is the capachance at the drain of Ml 

5.4.1.4. Slew Rate. The slew rate is determined by the load capacitance. The current 

available to charge this capachance is the DC current through the transistor M4 The slew 

rate is given by. 

Analysis of other important characteristics can be found in [29]. 

5.4.2 Design requirements 

The specifications of the operational amplifier are determined by the design 

requirements of the overall modulator. In general, the gain has to be greater than the 

oversamphng ratio, but for cascaded modulators, the DC gain must be sufficient to 

suppress serious performance degradation by integrator leak and harmonic distortion. 

For a amplifier with a single dominant pole, the impulse response ofthe integrator is 

of exponential form with a time constant [30], 

. = l ^ i i ^ (..19, 

which gives a settling time. 
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(settle = ^ \ ^ln(z)-^ (5.20) 

where / j^ corresponds to the unity gain ofthe op-amp and s is the tolerance in the settled 

value [31]. 

For the unity gain frequency, the condition imposed is 

71 z; 

The fact that only one-half of the clock period 7^ is available for integration has been 

accounted for in this equation. From (5.21), h is apparent that the bandwidth must be 

greater than approximately one-half the sampling rate, provided that the step response is 

exponential. In practice, this latter requirement is not met precisely because of secondary 

effects such as non-dominant poles and the dependence of the pole locations on the 

amplifier operating point. 

In regard to settling time, the following relation should also be satisfied. 

/ , < — ! — . (5.22) 
"^hettle 

The slew rate required to avoid distortion is 

SR>— (5.23) 
T ^s 

where A is the quantizer step size. 

58 



The choice for the full-scale analog mput range ofthe converter, which is equal to the 

quantizer step size A for smgle-bh quantization, involves tradeoffs among a number of 

design constraints. A large signal range is desu-able due to the presence of electronic noise 

in the analog circuits. However, a large signal range results in increased harmonic 

distortion due to integrator nonUnearity. In addition, mcreasing the signal range calls for 

operational amplifiers with a higher slew rate. Also, simulation results indicate that the 

signal at the output ofthe integrators must be at least a order of magnitude larger than the 

fiill scale analog input range to avoid significant performance degradation. 

5.4.3 Common Mode Feedback 

The requirements that must be satisfied by the common mode feedback are [14]: 

1. The gain-bandwidth must be equal to or larger than that of the differential amplifier in 

order to ensure stable biasing conditions for all frequencies of interest. 

2. The common-mode DC output vohage must be well stabilized and predictable. 

3. The differential amplifier must provide a maximum output swing, preferably rail-to-rail. 

4. The differential amplifier still must operate over a maximum common-mode input 

voltage. 

Based on the above requirements, the common mode feedback chcuit is chosen to be 

a separate sensing amphfier shown in Fig. 5.6. It fulfills all the requirements except that 

the output swmg will be Umited by the input range of the common-mode pair. This is 

because the common-mode amplifier will go into a nonhnear region when hs input (which 

is the output ofthe mam ampUfier) exceeds hs Unear operatmg region. We must therefore 

design the input transistors to have a large mput range, which entails large currents in the 

range of those m the mam ampUfier. The value of the common-mode vohage Vcm is 

chosen to be mid-rail between VDD and Vss. 
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Figure 5.6 Common-mode feedback sensing amplifier. 

5.4.4 Biasing circuit 

The bias circuh that provides the vohages V'bi, Vb2 and Vcm is shown in Figure ^7 \11 

the transistors in the circuit are implemented as actixe resistors to achieve desired voltage 

drops by connecting their gate to the drain. Each branch ofthe biasing network is used to 

set up one biasing vohage even though all the bias vohages can be generated by a single 

branch. This is done to avoid very large transistors sizes which would consume a large 

area. On the other hand, larger variations in the nominal bias point due to process 

gradients may arise. 
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Figure 5.7 Bias circuit. 

A first-cut design was done using the equations presented previousK' For this 

calculation, MOSIS level 2 parameters were used (see Appendix for typical parameters). It 

is noted here that the actual process parameters used in fabrication are not available until 

the run is performed by MOSIS. It is therefore important to design the op-amp such that it 

can tolerate reasonable variations in process parameters. The next step is then to perform 

circuit simulation. SPICE circuit simulations permit the consideration of second-order 

effects and examination of the influence of parameter and process variation on the 

performance of the op-amp. This step is important since it gi\ es the designer a good 

understanding ofthe op-amp and of how to make tradeoffs using the computer to achieve 

the final design specifications. The final device sizes in microns are shown in Table 5 1 
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Table 5.1 Operational amplifier transistor size; 

Transistor(s) 

M 1 , M 2 , M 1 5 , 

M16, M17, M18 

M5, M6 

M9, MIO 

M19, M20 

M21 

M22 

M27 

(W/L) 

2/816 

2/308 

2/116 

2/256 

14/30 

6/2 

18/4 

Transistor (s) 

M4, M13,M14 

M3 

M7, M8 

M11,M12 

M25 

M26 

M23 

M24 

(W'/L) 

2/646 

2'526 

2/250 

24/10 

34 2 

4/2 

8/14 

5 4.6 Simulation Resuhs 

The operational amplifier design is then simulated and optimized in P-SPICE. The 

simulation resuhs are shown in Table 5.2. 
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Table 5.2; Amplifier simulation results. 

DC gain 

Unity-gain frequency 

settling time (1%) 

bias current 

Phase margin 

Slew rate 

supply voltage 

input range 

output range 

64 dB 

140 MHz 

25 nS 

600 uA 

67" 

300V/US 

5V 

2 5V 

5\ ' 

Figure 5.8 shows the operational amplifier configured as a unity-gain vohage 

amplifier. This setup is used to measure the settling time and slew rate whh capaciti\ e 

loads. 

IpF 

V. in 

+ 

IpF 

Figure 5.8 Unity-gain vohage amplifier 
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5 5 The Comparator 

The comparator is used to quantize the signal from the integrator. Its output is also 

used to control the 1-bh DAC in the feedback loop. Nonidealities associated with the 

comparator are shaped by the loop the same way the quantization error is shaped. 

Therefore at frequencies of interest, the comparator nonidealities are suppressed the most 

However, h is necessary to watch out for comparator hysteresis and metastability[l, p. 

360]. A high speed latch-type comparator, which also has fiilly-ditferential capability, is 

used. The circuh schematic is shown in Fig. 5.9 with transistor sizes gi\en in Table 5.3. 

V DD 

M13 

cfiutl 

M14 

Vss 

Ml M2 M3 M4 

M5 M6 

MS M7 M9 

M\i 

Ml 

Out 

MIO 

6 o 

Clock Vin̂  Vin 

Figure 5.9 Circuh schematic ofthe high-speed comparator 
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Table 5.3 Comparator transistor sizes W/L (um/um). 

Device 

W/L 

Ml 

M2 

2/10 

M3 

M4 

2/10 

M5 

M6 

2/16 

M7 

M9 

2/10 

M8 

MIO 

2/6 

Mi l 

M13 

2/8 

M12 

M14 

2/6 

5.6 The Feedback DAC 

A 1-bit feedback DAC is used to map the signal at the output ofthe comparator to 

the analog domain. It switches to ehher a Vref+ or Vref- depending on the comparator 

output. The magnitude ofthe reference voltage is half the full scale analog input range A 

Only one-polarity reference vohage is used for simphcity and better matching by obtaining 

the opposite polarity value through reversed clock schemes. 

A low resolution DAC can also suffer from the effects of nonidealities. This can be 

grouped as those associated with the vohage reference, with the way the charge is taken 

from the reference, and with the way charge is delivered to the integrator. 

5.7 Clock Generation. 

In hs simplest form, the sigma-deha modulator requires a bi-phase non-overlapping 

clocking scheme and data-dependent clocks for the feedback DAC. A comparator strobe 

clock is also required. 

5 8 Multi-bh ADC 

A common feature ofthe proposed architectures is the use of a multi-bh quantizer in 

the forward path. In this regard, a 4-bit pipeline ADC designed in [24] is used. The 

architecture used therein draws reference from [32]. 

^ Q_Modulator schematic 

Figure 5.10 shows the schematic ofthe modulator implemented in software . 
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Figure 5 10 Sigma-delta modulator implemented in software. 
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This structure is a variation of the one presented in section 4 3 which uses a first-order 

modulator in the first stage and takes the coarse quantization error through an analog filter 

and subsequently passes the output to a multi-bit quantizer. 

Figure 5.11 also shows the clocking sequence of the analog switches and the 

comparator strobe. The input is sampled during phase 2, and integrated during phase 1 

Phase 3 shows the operation ofthe comparator strobe. During phase 2 the feedback DAC 

is pre-charged to fuh scale and the output of the comparator is used to determine the 

polarity of the charge delivered to the appropriate op-amp inputs such that negative 

feedback is attained. Using this scheme, the error is made available at the outputs of the 

first integrator during phase 2 [14] . 

* i 

f 

^ : 

time 

Figure 5.11 Timing diagram ofthe clocks. 
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5.10 Layout Considerations 

The layout is implemented in LEDIT [33], a layout editor software. Care is taken in 

the layout because on-chip noise coupling can significantly impact the performance of an 

IC. The best method to reduce such effects is to realize the physical layout ofthe circuit in 

a fully differential and symmetrical fashion. Figure 5.12 shows the layout of the op-amp. 

Very large-size transistors located in the signal path are made of small unit transistors 

through a multi-finger configuration, which minimizes the parasitic capacitance and 

maintains common-centroid geometry. Input and output lines are perpendicular to each 

other to avoid spurious capacitance coupling at high frequencies. 

Figure 5.12 Physical layout of fiilly-differential operational amplifier. 
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Figure 5 13 shows the layout for the complete modulator. A pseudo-differential la\out is 

used to save area. 

Figure 5.13 Complete modulator layout. 
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CHAPTER 6 

CONCLUSIONS 

6.1 Conclusions 

As mentioned eariier in the introduction, the advent of the information age and the 

networked society is constantly imposing new performance requirements on analog-to-

dighal converters, especially with regard to resolution and throughput. The sigma-delta 

concept is currently receiving much attention due to its documented advantages o\er 

conventional means. 

This thesis sought to propose novel sigma-delta topologies that would explore the 

available degrees of freedom, namely higher-order and muhi-bit, in achieving high 

resolution at wide bandwidths. The basic multi-bit topology with single-bit feedback 

introduced in section 4.1 has been further extended to other topologies. The contribution 

of this work is in extending the Leslie-Singh [2] concept and the possibility of attaining 

additional noise shaping without exphcitly using additional sigma-delta loops but by using 

filtering and modified error feedback which can result in improving the pipelining process 

Software implementation in a 2-micron switched capachor CMOS technology has been 

presented in Chapter 5. 

Process limitations due to non-ideal analog components can lead to leakage of un

canceled error terms which would degrade the performance ofthe topologies presented to 

below that predicted by analysis. A more detailed study of such spurious effects can 

suggest ways to neutralize them. Of particular interest is on-line digital calibration and 

analog compensation schemes. Finally, h is predicted that higher-order multi-bit sigma-

delta architectures will continue to offer cost-effective conversion solutions at increased 

throughput and are therefore prime candidates for further scholariy research. 
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APPENDIX 

TYPICAL LEVEL TWO MOSIS MODEL PARAMETERS 

*MODEL USED—-
* THESE ARE TYPICAL SCNA SPICE LEVEL 2 PARAMETERS 
.MODEL CMOSN NMOS LEVEL=2 LD=0.250000U TOX=417.000008E-10 
+ NSUB=6.108619E+14 VTO=0.825008 KP=4.919000E-05 GAMM.A=0.172 
+ PHI=0.6 UO=594 UEXP=6.682275E-02 UCRIT=5000 
+ DELTA=5.08308 VMAX=65547.3 XJ=0.250000U LAMBDA=6.636197E-03 
+ NFS=1.98E+11 NEFF=1 NSS=1.000000E+10 TPG=1.000000 
+ RSH=32.740000 CGDO=3.105345E-10 CGSO=3.105345E-10 CGBO=3.848530E-10 
+ CJ=9.494900E-05 MJ-0.847099 CJSW=4.410100E-10 MJSW=0 334060 
PB=0.800000 
* Weflf = Wdrawn - Delta_W 
* The suggested Deha_W is -0.25 um 

MODEL CMOSP PMOS LEVEL=2 LD=0.227236U TOX=417.000008E-10 
+ NSUB=1.056124E+16 VTO=-0.937048 KP=1.731000E-05 GAMMA=0.715 
+ PHI=0.6 UO-209 UEXP=0.233831 UCRIT=47509.9 
+ DELTA=1.07179 VMAX=100000 XJ=0.250000U LAMBDA=4.391428E-02 
+ NFS=3.27E+11 NEFF=1.001 NSS=1.000000E+10 TPG=-1.000000 
+RSH=72.960000 CGDO=2.822585E-10 CGSO=2.822585E-10 CGBO-5.292375E-10 
+ CJ=3.224200E-04 MJ=0.584956 CJSW=2.979100E-10 MJSW=0.310807 
PB=0.800000 
* Wefif = Wdrawn - Delta_W 
* The suggested Delta_W is -1.14 um 
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