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ABSTRACT 

Noise reduction techniques are developed for a multibit cascaded sigma-delta 

(SA) modulator used in the analog interface of a digital signal processing system to 

improve its performance by reducing the errors introduced by digital-to-analog converters 

(DACs). The idea of the proposed architecture is to create extra feedback paths around 

the modulator to reduce the DAC errors further by properly designing the error 

cancellation logic. Transfer functions show that the DAC error at the final stage of the 

proposed architecture is totally cancelled, while DAC errors from other internal stages 

are shaped by an order higher than those in a conventional cascaded modulator. 

The difficulty in circuit implementation of modulators with high resolution and 

bandwidth increases due to the imperfection of analog components in VLSI processes. 

Structural and circuit-level compensation techniques are generally used in developing 

such modulators. Major analog nonideal effects in a multibit cascaded SA modulator 

include coefficient mismatches, DAC nonlinearity errors, and integrator leakages. While 

providing solutions for each of these nonidealities, this dissertation focuses on the 

minimization of the DAC error since it causes the most performance deterioration. 

A configurable fourth-order (2-1-1) SA modulator is implemented for architecture 

verification. This modulator can be configured as the proposed architecture as well as a 

conventional cascaded structure with various modulator orders. The design of the 

system's parameters and analog blocks are fully described in this dissertation. The system 

is fabricated by the AMI Semiconductor (AMIS) 0.5|j,m double-poly triple-metal mixed-

vu 



signal process through the MOSIS service. Measurement results show that with on-chip 

error of ±0.15 LSB for each DAC and an oversampling ratio (OSR) of 32, an 

improvement of 8dB of the proposed architecture over the conventional structure is 

observed. 
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CHAPTER I 

INTRODUCTION 

This research focuses on developing noise reduction techniques to improve the 

performance of a cascaded mulitbit sigma-delta (SA) modulator used in the analog 

interface of a digital signal processing (DSP) system for high-quality applications [1]. 

Such applications include digital audio [2-4], telecommunications [5], digital subscriber 

line (DSL) [6-7], and local area network (LAN) [8-10]. The fast growing demand in 

application's bandwidth and resolution, as well as integrating the entire system on a chip 

(SOC), leaves the design of analog interfaces an important task, because their 

performances are dominated not only by the architectures adopted but also by the 

fabrication processes. The imperfection of analog components in VLSI processes affects 

the resolution achieved by an analog interface, therefore, structural or circuit-level 

compensation techniques need to be used in system development to minimize such 

defects [11]. 

Among the components in an analog interface, analog-to-digital (A/D) converters 

(ADCs) and digital-to-analog (D/A) converters (DACs), are key components since they 

generally define the resolution and bandwidth of the overall system [12]. The design of 

ADC and DAC are more difficult than other components in a system because they are 

mixed-signal devices. Both ADC and DAC have similar operation principles and can 

generally be divided into two categories, Nyquist-rate and oversampling [13]. This 

research will focus on the oversampling sigma-delta (SA) A/D conversion only. 



An oversampling sigma-delta A/D converter comprises a SA modulator and 

digital filters [14]. Since the design of digital filters can be accomplished by software 

synthesis using computer-aided design (CAD) tools, it is not a topic of interest and will 

only be briefly mentioned when needed. This research is dedicated to the design of SA 

modulators only. 

Sigma-delta modulation, combined with oversampling, is a rapid-growth type of 

data conversion system gaining popularity for high-resolution, cost-effective applications. 

It increases resolution by spectrally shaping the in-band quantization noises to out-of-

band [15] and saves the circuit area by adopting fewer analog components compared to 

the Nyquist-rate ADCs. Generally, increasing one-bit (6dB) resolution of a Nyquist-rate 

A/D converter requires doubling its analog components such as comparators, resulting in 

an exponentially-growing circuit area for high-resolution applications. In contrast, the 

resolution of a SA modulator can be heightened by increasing its sampling firequency or 

its structural order, making its area increment a smaller factor than that for a Nyquist-rate 

ADC. Thus, the complexity of the modulator's analog circuitry does not grow 

exponentially for resolution. However, such advantage adds a constraint such that the SA 

modulator must be stable. Unfortunately, a single-loop SA modulator with order higher 

than two is by nature unstable [16-17]. 

The stability problem in SA modulation can be alleviated by using a cascaded 

architecture [18] and multibit quantization [19-20]. A cascaded SA modulator, or the so-

called multistage noise-shaping (MASH) architecture [17], employs stable lower-order 

modulators, such as first and second orders, to form a robust higher-order structure. 



preventing the instability problems exhibited in single-loop, high-order architectures 

when the modulator's order is greater than two. The use of multibit quantization 

effectively reduces the quantization noise, helping to stabilize a high-order SA system 

and to increase the modulator's signal-to-noise ratio (SNR) by 6dB per bit in theory. 

However, utilizing multibit quantization necessitates a multibit DAC in each modulator's 

feedback path. Such multibit DACs suffer fi-om the mismatch problem of analog 

components and are inherently nonlinear. Errors caused by DAC nonlinearity remain 

unshaped at the output of the modulator, deteriorating its performance. 

Due to the needs for higher resolution and wider bandwidth in applications, 

existing SA systems favor a cascaded multibit architecture with extra effort focusing on 

suppressing the analog nonlinearities. Major analog nonidealities in a multibit cascaded 

SA modulator include coefficient mismatches, DAC nonlinearity errors, and integrator 

leakages [21]. This dissertation provides solutions for each of these nonidealities with 

emphasis on the minimization of the DAC errors since they cause the most performance 

deterioration. 

Techniques developed to reduce DAC errors can be roughly classified into three 

categories: (1) calibration approaches, (2) innovative architectures, and (3) DAC element 

matching [22]. This research will propose an architectural approach to reduce the DAC 

errors. Such architecture will be implemented and verified. 

The outline of each chapter following this introductory chapter is as follows. 



In Chapter II, ftindamentals of A/D conversion and SA modulation are introduced 

for cascaded multibit SA systems. The introduction contains ADC types, A/D 

performance merits, quantization properties, and the principle of sigma-delta modulation, 

which includes analysis models and different architectiires. 

In Chapter III, analog nonidealities in a cascaded multibit SA modulator are 

analyzed. Solutions for each of them are provided. Techniques proposed to minimize the 

DAC nonlinearity error, the most critical error source in a cascaded multibit modulator, 

are studied intensively. An improved dynamic element matching (DEM) technique is 

provided for achieving a better system performance. 

In Chapter FV, a cascaded architecture which reduces the DAC error without 

using DEM is proposed. The principle of the proposed architecture is described in detail. 

The system-level design of the proposed architecture, including the selection of bit 

number for each stage and the overall scaling, is introduced. A fourth-order modulator 

based on the proposed architecture is developed and is compared with MASH structure 

and MASH structure with DEM by simulations. 

In Chapter V, design of the proposed architecture is presented. This system is 

configurable to incorporate both the proposed and the conventional modulator structures 

with various modulator orders. Design of the sub-modulators, the fUlly differential 

amplifier, the one-bit and four-bit quantizers, and the reference circuits are then 

presented. A simplified switched-capacitor circuitry which realizes the extra feedback 

paths in the proposed architecture is also introduced. The digital circuits of this system, 

including the four-phase clock generator, the architecture control logic, and the 



modulator encoder are also described. Circuit simulations and layout of the fourth-order 

SA system are also presented. This system is designed and simulated by using the AMIS 

C5N 0.5)jm double-poly tiiple-metal (DPTM) mixed-signal process. The simulation 

resuks of the major blocks are shown. In addition, analog layout techniques used in this 

design and the floor plan will also be provided. 

Chapter VI shows diagnosis of the fabricated chip and measurement of all 

functions. By conducting IC microsurgery, an identified tooling problem on the chip has 

been resolved, restoring all the modulator's functions for fiirther measurement. The test 

objects, including a differential amplifier, two clock generators, and a configurable 

fourth-order sigma-delta modulator, are tested in detail. The performance differences 

between the measured and simulated results are discussed. Conclusions are presented in 

Chapter VII. 



CHAPTER II 

FUNDAMENTALS OF ANALOG-TO-DIGITAL CONVERSION 

AND SIGMA-DELTA MODULATION 

In this introductory chapter, the fundamentals of analog-to-digital conversion and 

principles of sigma-delta modulation are presented. Section 2.1 presents different types of 

A/D converters. Section 2.2 describes the basic properties of quantization for A/D 

conversion. The performance metrics used for an ADC are introduced in Section 2.3. 

Section 2.4 provides overviews of the principles of SA modulation and issues associated 

with the design of SA modulators such as modeling, stability, and overload. 

2.1 Types of Analog-to-Digital Converters 

The A/D converter is a key component used for interfacing the physical world to 

digital signals in DSP systems. The diversity in applications from extremely high-

precision (20-bit) DC instrumentation to wide-bandwidth (lO's or lOO's of MHz) 

communication makes selection of the corresponding ADC for a given system a difficult 

task. The tradeoffs between the resolution and bandwidth, as well as the conversion 

power and implementation cost have to be considered in the selection of the ADC type 

[12-13]. 

A/D converters can be classified into two general groups: Nyquist-rate and 

oversampled. Nyquist-rate A/D converters can be further divided into several subclasses 

by their structiires, as will be presented in Section 2.1.1. The oversampled A/D converters 



operate on a different principle than the Nyquist-rate ones. By oversampling a signal, the 

converter's in-band quantization error will be reduced, and performance is enhanced. The 

most popular oversampled A/D converter is a sigma-delta converter, which gains 

resolution by specti-al shaping of the oversampled quantization error to out-of-band. An 

overview of the SA technique is given in Section 2.1.2. 

2.1.1 Nyquist-Rate A/D Converters 

Nyquist-rate A/D converters can be further classified into three types 

distinguished by the conversion methods: (1) Serial, (2) Successive approximation (SA), 

and (3) Parallel, or the so-called flash [13, 23]. Structures that combine different types of 

Nyquist-rate ADCs are also very common. 

A flash A/D converter achieves N-bit resolution by employing (2^-1) 

comparators, 2*̂  equal resistors, and digital control logic, as shown in Figure 2.1. A 

reference voltage (Vref) is applied across the serial-connected resistors to yield 2 equally-

spaced voltage levels between ground and Vref. Each 2"̂  comparator compares its 

corresponding voltage level with the analog input signal to generate the digitized output. 

Due to the independence of the conversion time and the required resolution, a flash ADC 

can operate at a very fast speed, however, the required circuitry of a flash converter 

increases exponentially with the bit number, N. Fabricated by modem CMOS processes, 

the flash A/D converter can operate at several hundred MHz but its useful resolution is 

limited to 8 bits or less due to the imperfection of analog components in processes [13, 

24]. 
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Figure 2.1: An N-bit flash A/D converter. 

A successive-approximation (SA) converter achieves N-bit resolution by using 

only one comparator, as shown in Figure 2.2. The comparator compares the input signal 

acquired by a sample-and-hold (S/H) circuit and the D/A-converted output of a counter to 

generate a signal to control the conversion loop. The counter keeps on counting during 

the conversion process until the comparator changes its polarity, which indicates that the 

conversion process is accomplished. The counted number is then encoded into an N-bit 

output. The SA converter needs less analog circuitry than the flash converter does for the 

same resolution but its conversion time grows exponentially with N, limiting its operating 

rate to one kHz or less. In addition, a S/H circuit is usually required to keep the input 

signal constant during conversion. Designing a high-speed or high-precision sample-and-

hold circuit is usually difficult [13]. 
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Figure 2.2: An N-bit successive-approximation A/D converter. 

A combination of both parallel and serial conversions in an ADC is very common. 

The combination structures are usually used to save the circuit size with a given 

resolution and bandwidth [25]. For some high speed applications, pipelined ADCs [26-

27] and folded ADCs [28-29] are usually adopted. Their operating fi-equency can be up to 

lOO's of MHz and their resolution is 10 to 12 bits. 

In summary, the Nyquist-rate A/D converters show large variety in structure for 

applications with wide-ranging resolution and speed. The design of a Nyquist-rate A/D 

converter is quite straightforward at the circuit level, but the converter itself is more 

sensitive to component inaccuracies and mismatches. 

2.1.2 Oversampled Sigma-Delta A/D Converter 

An oversampled sigma-delta converter is illustrated in Figure 2.3. It contains an 

analog anti-alias filter, a SA modulator, and digital filters [30]. The anti-alias filter 

usually performs a first-order filtering fijnction. The SA modulator, which adopts 

oversampling and spectral noise-shaping to its input, can achieve higher resolution with 



relaxed requirements on the accuracy of analog components. The digital filters decimate 

and filter the high-speed, low-resolution modulator output to lower-speed, higher-

resolution pulse-coded modulation (PCM) outputs [15, 31]. 
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Figure 2.3: Block diagram of a SA A/D converter. 

The oversampling ratio (OSR) of a SA modulator is defined as the ratio of its 

sampling firequency^ to two times its signal bandwidth, I/B, i.e.. 

Is- (2.1) OSR 
VB 

The OSR, depending on different applications, can be as low as 8 in a wide-band 

communication system or as high as 512 in a digital measurement instrument. 

hi summary, the oversampling SA ADC has fewer analog components than a 

Nyquist-rate converter and is less sensitive to accuracy. However, implementing a SA 

ADC requires more effort on the system-level design than a Nyquist-rate converter. 

10 



2.2 Quantization Properties of an A/D Converter 

2.2.1 Quantization Characteristics 

The performance of an A/D converter is directly determined by its quantizer - a 

component which encodes the analog input to a set of discrete outputs. A quantizer which 

converters its input into 2^ output levels is referred to as an N-bit quantizer. Figure 2.4(a) 

shows an example of 3-bit quantization. The parameter Fv is the maximum input range 

while Ty is the maximum output range. Input signals which are greater than F.̂  cause an 

overload of the quantizer [31-32]. 

The quantization characteristics curve, as shown in Figure 2.4(a), is linear and 

can be expressed as y-G-x + e, where G is the quantization gain and e is the 

quantization error [16]. The quantization error of 3-bit quantization is depicted in Figure 

2.4(b), in which e is bounded by ± A^. The notation A is the space between two output 

levels and is given as 

A = 4 ^ , (2.2) 
2 ^ - 1 

where N is the bit number. Using Equation (2.2), the quantization gain can be obtained as 

G = _ ^ = _Izl?_J_ (2.3) 
LSB r ^ ( 2 ^ - l ) ' 

in which the least significant bit (LSB) of the quantizer is equal to y ^ . 

11 



v = G x + e 

Figure 2.4: An example of 3-bit quantization, (a) Transfer characteristics, 
(b) Quantization error. 

2.2.2 Spectral Analysis of Quantization Error 

It can be seen fi-om Figure 2.4(b) that the quantization error is a function of the 

input. This makes the analysis of quantization error difficult. In practice, spectral analysis 

of the quantization error usually adopts the so-called white noise approximation [15, 32]. 

The approximation works with some conditions. If the quantizer input keeps busy and 

changes randomly between samples, the quantization error can be treated as an additive 

white noise. Under such conditions the generated white noise (quantization noise) has a 
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uniformly-distiibuted probability density function (pdf) lying in the range of ± A^ 

statistically [14-15]. Its power can be calculated as 

^ A J - ^ 12 
(2.4) 

A conceptual diagram of how sampling frequency affects the quantization noise is 

shown in Figure 2.5. For a Nyquist-rate converter which operates at a speed of 2/g, its 

quantization noise lies in the frequency band 0 <f<fB, as shown in region (I), with a 

•̂  
magnitude of CQ . 

. 2 ^ 

i Power Spectral Density 

12 

Increasing sampling 
rate will lower 
quantization error. 

A^ 2 

12 / . 

(I) 

Quantization eiror 
without ova-sampling 

(II) 
Quantization eiTor with 
oversampling only 

(III) 

0 fs 
Increase sampling rate 

/ . / 

Figure 2.5: Power spectral density of the quantization noise. Oversampling 
of a converter can reduce the quantization noise. 

Oversampling of the converter at the fi-equency of/, spreads out its quantization 

error to a wider fi-equency band, 0 <f<fjl, as shown in region (III) in Figure 2.5, 

attenuating the power magnihide of the error by a factor of (2//). Region (I) and region 
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(Ill) have the same area. If the signal bandwidth of the oversampled converter is 

unchanged, its quantization noise power can be derived as 

2 f ^ S , 2 , 2,r.,r. Â  2 ^ Â  1 

An observation can be made fi-om Equation (2.5): doubling of the sampling frequency 

reduces the in-band quantization noise by 3 dB; therefore, oversampling is a means to 

reduce the A/D converter's quantization noise and to increase the resolution [33]. 

2.3 Performance Metrics of an A/D Converter 

The performance metrics used for an A/D converter are usually classified as static 

or dynamic [12-13]. Static metrics include offset, gain error, monotonocity, differential 

nonlinearity (DNL), and integral nonlinearity (INL). The monotonocity is defined by the 

characteristic that an ADC's output never decreases when its input increases. DNL is the 

maximum deviation of two adjacent transition points of conversion fi-om the ideal value 

which is equivalent to a least significant bit (LSB). INL is defined as the maximum 

vertical deviation between the ideal line connected by the center points of ideal codes and 

the actual transfer curve of an ADC. 

In addition to static performance metrics, dynamic metrics include items such as 

signal-to-noise ratio (SNR), total harmonic distortion (THD), signal-to-noise plus 

distortion ratio (SNDR), dynamic range (DR), and spurious free dynamic range (SFDR). 

The SNR is defined as the ratio of the input signal power to the power of the input-

referred noise, including quantization and circuit generated noise but excluding the power 
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of input harmonics. SNDR is similar to SNR but the noise now includes harmonics of the 

input. DR is the ratio of the maximum input signal power to its minimum detectable 

value, which is usually dominated by the quantization noise. SFDR is defined as the 

maximum ratio of the input signal power to the power of the strongest spectral tone, 

which is not necessarily the input harmonics. Empirically, SFDR is greater than DR since 

the later is needed to count the in-band noise power [32]. All dynamic metrics are usually 

specified by dB. 

SNR will be used mostly in this dissertation to specify the performance metric of 

any interested item. For an oversampled A/D converter, if its input is a sinusoid with a 

1 r 2 

fiill-swing of 1 Volt-peak (Vp), the in-band signal power is 5 = (-) x - - (V ), with a one

sided representation of frequencies. The SNR of the ADC is 

SNR^Ar= , ^ =^OSR (dB). (2.6) 

12 ' OSR 

A way to improve the SNR is to increase the OSR or to reduce A by using a multibit 

quantization. 

2.4 Principle of Sigma-Delta Modulation 

2.4.1 Background 

Figure 2.6 shows a discrete-time model of a first-order SA modulator. It consists 

of an integrator represented by z"7(1 - ^ ' ^ ) , a coarse 1 -bit quantizer represented by Q, 

and a feedback path from the quantizer output to the integrator input [33]. In operation, 
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the quantizer integrates the difference between the modulator's input and output and 

quantizes the integrated error. The negative feedback loop forces the modulator to frack 

its input, generating pulse-density-modulated (PDM) output. If a multibit quantizer is 

used, an N-bit DAC is needed in the feedback path. 

- ^ < ^ 
1-bit 

Figure 2.6: A discrete-time model of a first-order SA modulator. 

2.4.2 Linearized Model 

The discrete-time SA modulator shown in Figure 2.6 is nonlinear and is difficult 

to analyze. For analytical purposes, the so-called "linearized model" as shown in Figure 

2.7 has been widely used [14-15, 18, 21-22]. In this model, the integrator function, H(z), 

remains the same while the quantization error (e) generated by the quantizer is now 

treated as an additive white noise. 

H(z) 
. - 1 

Figure 2.7: Linearized model of the first-order SA modulator. 

By using the linearized model, the modulator output can be obtained as 
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Yi=) = H,i=).Xiz) + H,{z).E{z)=J^.Xiz) + -±-.E(z), (2.7) 

where Hx(z) is signal fransfer fiinction (STF) and HE(Z) is noise fransfer fiinction (NTF). 

-1 
Substituting / / ( r ) = 

l-z -1 into Equation (2.7), the modulator output in discrete-time 

domain can be expressed as 

Y{=) = z-'-X{z) + i\-z-')-E{z). (2.8) 

The STF in Equation (2.8) is z ', which is a unity delay and is an all-pass fiinction 

in spectrum. The NTF, (1 - z" ) , is a high-pass function which suppresses the 

quantization noise in low frequencies and increases the noise magnitude in high 

frequencies, resulting in a shaped quantization noise. Figure 2.8 shows such shaping 

effect. The in-band quantization noise of an oversampled SA modulator is lowered by 

oversampling and shaped by the shaping function, greatly increasing its SNR. 

A-
Power Spectral Density 

^e = i2 

Increasing OSR 
will lower 
quantization error 

' 

Â  2 

12 J s 

(I) 

nl 

Quantization error 
without oversampling 

Noise shaping + oversampling 

^ l ( / ) / 

^^^^^-^ (10) 
Quantization error with 
oversampling only 

»-
0 /B 

Figure 2.8: PDS of the quantization error in a SA modulator. 
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Specfral density of the first-order shaped quantization noise in Equation (2.8) can 

be expressed as 

N,{f) = Eif) 

(A2 2 

12 / 
l - z " 

J2nfT (2.9) 

= 2eQ-^j—-sini7fr), 
Js 

where T = J / - . Therefore, the in-band noise power of the first-order SA modulator is 

"?=i;i^,(/f#=4-T-<^''- (2.10) 

where the approximation of sin(;z/r) = nfTis used [15, 32]. 

For a second-order modulator as shown in Figure 2.9, its transfer fiinction is 

7(z) = z~2.X(z) + ( l - z~ ' )2 .£ (z ) , (2.11) 

where the quantization noise is associated with a second-order shaping fiinction. The in-

band noise power of a second-order modulator can be derived as 

nl=f/\E(f).n-r'ff,]f = el.^.(-^) (2.12) 

X 

—K, > l-z-' - ^ 
iV^ ^" 
r '"'"' 

. ^ \2J 
y 

Figure 2.9: A second-order SA modulator. 
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Witii a reference voltage of 1 Vp, OSR of 32, and a -3dB sinusoidal input, the 

modulator's SNR is calculated, by using Equations (2.11) and (2.6), as 68.05dB for a 

single-bit quantization or 86.12dB for a 4-bit quantization. 

In general, the spectral analysis can be extended to a single-loop, L^'-order 

modulator. Table 2.1 summarizes the noise power expressions. If the L'^-order modulator 

is not overioaded, theoretically, the in-band noise power falls 3(2L-1) dB for every 

doubling of the OSR, providing (L-1/2) bits in SNR. It can be easily observed that noise 

shaping plays a significant role in quantization noise reduction [14]. For instance, a 

second-order modulator with an OSR of 32 attenuates approximately 55dB of in-band 

noise compared to a structure without noise shaping. Unfortunately, implementing an L*-

order modulator poses stability problems as will be discussed later. 

Table 2.1: In-band noise power of a single-loop SA modulator 

Structure 

Nyquist-rate 

Oversampling 
only 

First-order SA 
modulation 

Second-order SA 
modulation 

Lth-order SA 
modulation 

In-band noise power 

. 2 ^' 

2 A2 2 2 1 

° 12 / , ^ ^ OSR 
2 

2 2 ^ / 1 x3 
n{ =eo ( y 

' ^ 3 OSR 2 
2 ^2 ^ /- 1 \5 

"2 =^0 ( ) 
^ ^ 5 OSR 
2 2 ^ / I 2̂Z,+l 
^ ^ 2 1 + 1 OSR 

Noise reduced by each 
doubling the OSR 

-

3dB (0.5 bits) 

9dB (1.5 bits) 

15dB (2.5 bits) 

3(2L-1) dB 
(L-1/2 bits) 
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2.4.3 Stability of the SA Modulation 

Since the SA modulation is nonlinear, the stability of a SA modulator needs to be 

considered. The SA modulator's stability can be analyzed by using the concepts of 

confrol theory [17, 36-39]. In [40] an analytical approach called "variable gain model," 

which treats the quantizer as a varying gain, has been proposed. 

The variable gain model determines whether a modulator is stable or not by 

varying the quantizer's gain from zero to infinity to check the root loci of the 

characteristic fimction in its NTF. If the poles of the characteristic function are always on 

or inside the imit circle no matter how the quantizer's gain changes, the modulator is 

always stable and is called absolutely stable. On the other hand, if the poles of the 

characteristic function are outside the unit circle at any times when the quantizer's gain 

varies, it is called conditionally stable. A conditionally-stable modulator is not acceptable 

because after it enters the unstable state, it cannot be returened to the normal operation 

even if the input is adjusted to normal [41]. 

Examining the stability of a single-loop topology by the variable gain model, it 

has been found that the modulator is no longer absolutely stable when its order is greater 

than two [17, 40-41]; therefore, the design of single-loop, high-order architectiire needs 

to accommodate for the stability problem. 

2.4.4 Scaling of a Modulator 

In addition to the stability problem, the integrator's overioad in a modulator is 

another issue that must be considered to prevent performance degradation. Theoretically, 
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the input and the feedback reference voltage of a modulator as well as its integrator's 

output are all defined to be bounded by ± ̂ . However, empirical simulations show that 

the integrator's output is out of such boundary for large modulator inputs, leading to a 

situation called overioad. When the quantizer is overioaded, the modulator settles into a 

large-amplitude, low-frequency limit cycle, resulting in increased modulation noise 

which adds odd-order harmonic distortions in the spectrum. To prevent the overioad 

problem, scaling of the modulator is necessary. 

The real implementation of a second-order SA modulator of Figure 2.9 is shown 

in Figure 2.10. Both integrators are scaled by gain coefficients, a and b. Note that both 

integrators are delayed-type since the non-delayed integrator is difficult to design with 

analog circuitry. The modulator's output is derived as 

Y(z) = 
ab-z -1 

•X(z)+- (1-z-S^ 
\ + {b-2)-z~^ +{ab-b+\)-z~^ " ' ' ' \+{b-2)-z~'^+{ab-b + \)-z~^ 

•E{z). (2.13) 

Its signal transfer function is a low-pass fiinction, which is different from the all-pass 

fimction (z') appeared in an unsealed modulator. In addition, its noise transfer function 

remains a high-pass function, but appears different in shape as compared to the fiinction, 

(1 - z~ ) , as shown in Equation (2.11). 

-^&^S^^^&J^^. y^ 
Figure 2.10: A second-order SA modulator with scaling. 
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Figures 2.11(a) and (b) show the STFs and NTFs of the scaled and the ideal 

modulators with a coefficient set of {a,b) = (1/2,1/2). A signal bandwidth with OSR of 

32 has been used. This topology is first proposed by Candy in [41]; therefore, it is 

referred to as Candy's structure. In implementation, the cutoff frequency of the low-pass 

STF should be larger than the input bandwidth. Scaling enhances the modulator's 

dynamic range in exchange for higher noise level in NTF and a peak in STF. 
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Figure 2.11: The plots of (a) STF and (b) NTF of the scaled and the ideal modulators. 

An approach to find the best set of coefficient values for a second-order 

modulator has been developed in [41] by compromising the integrator outputs and the 

modulator's resolution. The set {a,b) is equal to (0.7168, 0.3871). 
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2.4.5 Single-bit High-Order Modulator Design 

Design of single-loop, high-order SA modulators usually adopts a technique 

called the filter synthesis approach [43-46]. The coefficients of the loop filter are 

synthesized with fraditional low-pass filter functions such as Butterworth or Chebyshev. 

The filter synthesis approach exhibits an efficient way to design a high-order 

modulator. In addition, the synthesized loop filter also helps to stabilize the modulator. 

However, the synthesized coefficients for the modulator show problems in circuit 

implementation because of a large maximum-minimum ratio. In addition, the synthesized 

modulator is not absolutely stable. 

2.4.6 Cascaded SA Modulator Design 

An alternative method to achieve high-order SA modulation is to use a cascade of 

lower-order modulators. Such multistage topology is sometimes called MASH [14-15, 

21-22]. An important benefit of using cascaded topology over single-loop high-order 

systems is that it is absolutely stable. Cascading stable first- and second-order modulators 

forms a stable high-order modulator. Therefore, the cascaded structure is often used for 

the design of high-order SA systems. 

Figure 2.13 shows an example of a cascaded third-order (1-1-1) modulator which 

is comprised of three single-bit, first-order modulators, MOD-1, MOD-2, and MOD-3, as 

well as error cancellation fimctions [15]. The notation " (M- l ) " indicates the order of the 

modulator in each stage. Using the linearized model, the modulator output is obtained as 
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Y{z) = z-^X{z) + i\-z-^)-E^{z). (2.14) 

-1 if the error cancellation ftinctions are chosen as // | (z) = z , //2 (z) = (1 - z ) 

//i 2 (z) = z , and 7/3 (z) = (1 - z ) ' . Ideally, the internal quantization errors, ei and 62, 

are totally cancelled out; the quantization error of the final stage, 63, is shaped by a third-

order fimction and appears at the modulator's output. Third-order cascaded modulators 

can also be implemented by a (2-1) structure, which is also absolutely stable. 

MOD-1 « 
Error cancdlation logic 

Figure 2.12: A cascaded third-order (1-1-1) SA modulator. 

2.4.7 Multibit SA Modulation 

Due to the demand for high-resolution and low-OSR applications, multibit SA 

modulation has gradually gained popularity in recent years. The multibit SA modulator 

requires a multibit DAC its feedback path as shown in Figure 2.13. 
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.V 
-^(Sy^ H(z) HS 

m-bit 

m-bit 

Figure 2.13: A multibit SA modulator. 

The use of multibit quantization has advantage over the use of single-bit in 

several ways: 

1. The quantization noise is lowered by 6dB per increased quantization bit. 

2. The required OSR for a given resolution can be lowered for some wide-

bandwidth applications, effectively reducing the sampling frequency of such system. 

3. The stability problem in a single-loop high-order system is alleviated. The 

integrator overload problem is also improved, leading to relaxation in analog design. 

4. The low-frequency oscillation associated with the single-bit system is 

suppressed; therefore, the modulator's performance can be improved. 

However, a major disadvantage of utilizing multibit SA modulation is the 

nonlinearity (NL) problem caused by component mismatches of the DAC in the feedback 

path. The amount of element mismatch in a modem VLSI process is no less than 0.1% 

[21-22, 32], limiting the implementation of a high-resolution system without adopting 

any correction techniques. For a multibit cascaded SA modulator, errors from DAC 
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nonlinearity remain unshaped at the output of each modulator stage, deteriorating the 

overall modulator performance. 

2.5 Summary 

The fundamentals of analog-to-digital conversion and principles of sigma-delta 

modulation have been presented in this chapter. The sigma-delta ADCs are the most 

popular oversampled converters employing the noise-shaping technique to achieve high 

resolution. Wide-bandwidth, high-resolution applications need a high-order SA system. 

A comparison of all the aforementioned modulator architectures is provided in Table 2.2 

[44]. It can be concluded that a multibit cascaded structure is a better choice for the high-

resolution, wide-bandwidth modulator design, since it prevents the instability problem. 

Table 2.2: Comparison of the modulator architectures 

Structure 

Low-order 
Single-loop 
single-bit 

High-order 
Single-loop 
single-bit 

Cascaded 
(MASH) 

Multibit 

Advantages 

- Guaranteed stability 
. Simple loop filter design 
. Simple circuit design 
. Wider input range 

. High SNR for modest OSR 

. Less idle tones 

. Simple circuit design 

. High SNR for modest OSR 

. Stability guaranteed 

. Wider input range 

. High SNR for low OSR 

. Stabilizes high-order loop 

. Less idle tones 

Disadvantages 

. Low SNR 

. More prone to having idle tones 
(need dithering) 

. Stability is signal dependent 

. Difficult loop filter design 

. Maximum Input range is limited 

. Overload and scaling problem 

. Coefficient implementation problem 

. Require near-perfect matching 
between analog integrator and digital 
differentiator 

. Imperfect matching may cause 
leakage of tones into baseband 

. DAC nonlinearity problem 

. More complex digital filters 

. Large area, complex circuit design 
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CHAPTER III 

CASCADED MULTIBIT SIGMA-DELTA MODULATION 

Cascaded multibit sigma-delta modulation prevents the instability problem faced 

in single-loop, high-order structures; therefore, it is the preferable architecture in design 

of wide-bandwidth, high-resolution systems. However, cascading stages makes the 

overall modulator more sensitive to circuit nonidealities, since there is no feedback 

mechanism around the structure for compensation [48-54]. Therefore, error reduction 

techniques are required in conjunction with the cascaded multibit SA modulation to 

guarantee its performance. 

This chapter begins with an analytical examination of the analog nonidealities in a 

cascaded multibit modulator, including coefficient mismatches, DAC nonlinearity, and 

integrator leakage. Solutions for each are provided. 

Section 3.2 reviews prior techniques proposed to reduce the DAC nonlinearity, 

the most critical error among the analog nonidealities in a cascaded structure. These 

techniques include calibration, architectural, and dynamic element matching. Among 

these techniques, dynamic element matching (DEM) has been extensively studied 

because it is the most popular approach. An improved DEM algorithm is presented in 

Section 3.3 to show better performance over other techniques in this category. A 

cascaded fourth-order (2-1-1) SA modulator with DEM [89] is analyzed in Section 3.4. 
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3.1 Analog Nonlinearities in a Cascaded Modulator 

Figure 3.1 illusfrates the major analog nonidealities in a cascaded SA modulator. 

A second-order (1-1) modulator is used here for illustration. The coefficients, a and (3, 

are referred to as the gain mismatch and the mixed mismatch factors, respectively [15, 

18, 32]. The DAC nonlinearities, e^^ and ej2 •> ^^ represented as additive white noises, 

similar to the quantization error, at the corresponding feedback path of the modulator [15, 

32]. The coefficients, yi and 72, are referred to as the leakage factors of the integrators in 

MOD-1 and MOD-2, respectively [15, 32, 55]. The digital correction functions, Hi(z) and 

H2(z). are chosen to cancel out the intemal quantization error e^, making the overall noise 

fransfer function a simple form, with 62 shaped by a second-order shaping function as 

shown in Equation (2.11). 

Integrator 1 

MOD2 

Figure 3.1: A cascaded second-order (1 -1) modulator with analog nonidealities. 
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Ideally, the coefficients, a, p, yi and 72, are all equal to unity, and the DAC errors, 

e^\ and e^j2 ' ^ ^ equal to zero. In reality, mismatches in the analog components make 

these coefficients vary slightiy from their ideal values, causing circuit nonlinearities. A 

typical value of mismatch between two adjacent unit capacitors in a VLSI process is 

about 0.1% [11]. A larger mismatch such as 1% or higher is expected if resistors are 

implemented; therefore, efforts need to be made to alleviate these circuit nonlinearities. 

Directly deriving the cascaded (1-1) modulator's transfer functions with all 

nonideality coefficients will lead to a complex, hard to analyze equation. For better 

understanding of the influence of each coefficient, a superposition approach is used here. 

An output equation which is a function of the mismatch factors, a and p, and the DAC 

errors, e^i and e^2 ' Is derived first. After setting the afore-used coefficients to ideal, an 

output equation with the fiinctions of only the integrator-leakage factors, yi and 72, is 

obtained. The overall effect of the nonlinearities is the superposition of both equations. 

To derive the first equation, setting yi and 72 to unity, the output of each stage is 

given as 

j ; , = z - ' . x + ( l - z - ' ) . ( e , + e ^ i ) - e ^ , , (3-1) 

and 

y2 =Z-^ •X2 + ( l - Z - ' ) . ( e 2 +ed2)-^d2^ ^^'^^ 

respectively. The input of the second stage is expressed as 

X2 =a[{y^ +edO-Myi -ei)] = «(l-y6).>;, + « ( M +^d\)- (3-3) 
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SubstiUiting Equations (3.1) and (3.3) into Equation (3.2), the output of the second 

stage is obtained as 

v . = z - ' . « . ( l - ^ ) . . v + a .z - ' [ l - ( l - / ? )z - ' ] . (^ ,+e^ , ) + ( l -z- ' ) . (e2+^,2)-e ,2 . (3 .4) 

By selecting / / , (z) = z"' and / / j (z) = (1 - z" ' ) , the overall modulator output is 

V=/ / , (Z ) .V , - / / 2 (Z) .V2 

= r - 'v , - ( l -z - ' ) -v2 

= [=-- -«(l-y9)z-2(l-z-')].x + [(l-a) + «(l-/?)z-'].z-'(l-z-')(e, +e,0 ^^'^^ 

- ( l - z - ' ) - .̂ 2 -Z- ' -e.^ +z-\\-z-').e,2. 

For fiirther analysis, let a be expressed a=\-S^, where S„ is the gain mismatch 

error and let p be expressed p = \-5p, where 6p is the mixed mismatch error [ 15], and 

substituting them into Equation (3.5), the modulator output is 
-1 

y^{z --a-5p- - ( l - z ')]-x + [<^«+a.^^ •z- ' ] .z- ' ( l -z- ' ) (e ,+e^, ) 

- ( 1 - Z - 1 ) 2 .^2 - Z - ' -e^i + Z - ' ( l - Z - ' ) . e ^ 2 

Both the mismatch errors, <5Q, wA5p, are zero for the ideal case. Several terms caused by 

nonlinearities appear in Equation (3.6). 

For the ideal case with the modulator's input at 1 Vp fiiU-swing sine wave and 

OSR of 32, the SNR is calculated, by using Equations (2.11) and (2.6), as 71.05dB for a 

single-bit MOD-2 or 89.12dB for a 4-bit MOD-2. The effects of these nonlinearities on 

the cascaded (1-1) modulator are analyzed in terms of SNR loss in the next sections. 
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3.1.1 Gain and Mixed Mismatches 

It can be seen from Equation (3.6) that the gain and mixed mismatches introduce 

unwanted leakages of the input signal, the first-stage quantization error, and the first-

stage DAC error at the overall modulator output. The errors are analyzed as: 

1. The input dependent leakage: Except for the typical two-clock-delay, z^, of the 

signal fransfer fimction in the equation of output, a mismatch-led, input-dependent term, 

a-Sg •z~~{\-z~^), is found in Equation (3.6). The term is first-order shaped with the 

spectral magnitude of 

\Hj,Eif)\ = a-SpJa-Sp-z-^-i\-z-') 
,^,J2.fT 

= a-5p4iy-e-J^''f'')-{\-eJ^''f'') (3.7) 

= la-5p- sm{KfT), 

where T = V. . The power spectral density (PSD) of this input-leaky term is given as 

NxEif)-\HxEiff'X\f) = ̂ oc^-S}-sm\7tfT).xHf). (3.8) 

Therefore, the in-band power of this leakage can be obtained as 

SxEif) = \i'N^,{f)df=\lUa^ .5} .s\n\nfT).xHf)df, (3.9) 

where / g is the signal bandwidth. The integration in Equation (3.9) is input-dependent. 

For a sinusoidal input with frequency / ^ its PSD is given as 

31 



where ^ ( / ) is the impulse, or the so-called Dirac delta, fimction [56]. By using the 

sifting property of the impulse fiinction, the integration in Equation (3.9) can be solved as 

S XE =2a~-Sy sin'i7rJ^T) = 2a~-SJ-sm\;r-^). (3.11) 
Js 

Since the modulator is oversampled, the ratio of the input frequency to the sampling 

frequency is very small, thus, the approximation sin(jc)« x can be applied here for 

simplification. 

Assuming a is 0.999, dp is 0.1%, and input frequency/^ equals the modulator's 

input bandwidth/a, the leakage SXE is calculated as 4.81x10"^ (V^). Compared to the 

power of a full-swing sinusoidal input, 1/4 (V^), the input leakage power is relatively 

small. By treating the input leakage as an additive noise like the quantization error, the 

resulting SNR loss is 0.95dB for a single-bit MOD-2. The SNR loss will be greater than 

lOdB in the case of a 4-bit MOD-2; thus, input leakage limits the performance of a low-

order multibit cascaded structure. Fortunately, such input leakage will be shaped by a 

higher-order fiinction in a higher-order cascaded structure, greatly decreasing the impact 

on the modulator performance. With proper selection of modulator structure, the input 

leakage is not considered as a critical error by a standard VLSI process. 

2. Intemal error leakages: It can be seen from Equation (3.6) that gain and mixed 

mismatches also introduce leakages of the quantization error, e^, and DAC error, e^i, of 

the first stage to the overall modulator output by the term 
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[S^+a-Sp-z ]. z '(1 - z ')(e, +c'd]). Both leakages are first-order shaped and with 

specfral densities which can be derived as 

NQDEif) = 4-iS„+a^-S"p)-sin\KfT)-[El{f) + E^^if)l (3.12) 

.2 

where E{ ( / ) = is white noise as defined in Equation (2.5). The DAC error, for 
•' s 

convenience, is freated as another white noise with the amount given as 

El(f) = k~, (3.13) 

where A: is a small constant. In this analysis, k is assumed to be 0.01, a reasonable value 

by a standard VLSI process; thus, the amount of DAC error is one-hundredth of the 

quantization error. The power of these leakages is derived as 

= fU-(S^+a^-S})-sin\;rfT).{l + k)~df 

^A-i5l+a^ •5l)-{\ + k).^\^^\7frfdf (3.14) 
12/. S 

2 2 

' s 

a _2 A 71 . „2 2 <:-2x /I ; \ 1 
•{5^+a^-5^p)-{\ + k)-12 3 ^ " ^ ' ^ ' (OSR)^' 

Here, the approximation of sin(;^/r) »nfTis used since OSR is much greater than 

unity. Discerning from Equation (3.14), the leakage power is proportional to the 

reciprocal cubic of OSR. 
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If MOD-1 is single-bit, then A=2 and k=0, meaning no DAC error of MOD-1 at 

all. Assuming a=fi= 0.999 {soS^ =Sp= 0.1%), SQDE is computed to be 6.69x10"'' 

(V-). SNR loss caused by SQDE is 0.015dB for a single-bit MOD-2 or 0.86dB for a 4-bit 

MOD-2. On file other hand, if a 4-bit MOD-1 is used, A will be 1/4. Assuming ;c=0.01 

and the same parameters as used previously, SQDE is calculated to be 1.06x 10"'̂  (V^). 

Such SQDE causes an SNR loss of 0.0002dB for a single-bit MOD-2 or 0.015dB for a 4-bit 

MOD-2. These four cases show no noticeable SNR loss caused by intemal error leakages. 

In summary of (1) and (2), the gain and mixed mismatches cause an input 

dependent leakage and leakages associated with the intemal quantization error. The later 

leakages are not significant in nature, while the former leakages can be minimized by 

adequately selecting the modulator structure. 

3.1.2 DAC Nonlinearity 

A more critical error source in Equation (3.6) is found to be the DAC 

nonlinearity. The DAC error of MOD-1, e^j, appears at the overall modulator output 

without any noise shaping while the DAC error of the MOD-2, e^2 > appears at the output 

with a first-order noise shaping. Employing the previously used equations, the power of 

both DAC errors are obtained by 

SDAx(f)= — 'kr—^, (3-15) 
DAiyj ; ^2 ' (OSR) 

and 
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A" ~ 1 
SDA2(f)= — -^-l<2 T- (3.16) 

12 3 (OSR)^ ' 

Assuming A:, = ^2 = ^ = 0.01 and a 4-bit quantization of MOD-1 and MOD-2, the 

DAC error c^j infroduces a noise power of 1.63x10'̂  (V^), which deteriorates the SNR 

by a fremendous 37.25dB. The DAC error e^2 introduces a noise power of 5.23x10'^ 

(V-), which deteriorates the SNR by a noticeable 12.57dB. Even reducing A, andyt2 by a 

factor often, e^, and ej2 still degrade the SNR by 27.26dB and 4.32dB, respectively. 

This makes the DAC nonlinearity a critical error source in the cascaded (1-1) modulator. 

3.1.3 Integrator Leakage 

Leakage cause by finite integrator gain is another noticeable analog nonideality 

in a cascaded SA modulator [55, 57]. Such leakage limits the noise-shaping ability of a 

modulator at low frequencies. With the leakage factor denoted as X as shown in Figure 

3.1, the transfer function of the integrator in the modulator is given by 

^.nt(-)=--f^- (3-17) 
l - z l - z 

Ideally, X equals one. In practice, finite dc gain of the integrator causes X to be slightly 

less than unity. If the dc gain isA,X will be (1 ) . To examine the influence of X on 

the modulator output, assuming mismatch coefficients, a and P, and DAC errors, e ĵ and 

6^2' ^^6 ̂ 11 ideal, the overall output will be 
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v = -
1 + (1-A). 

.v + 
1 + (1-A).z"' 

•€2, (3.18) 

in which ;ii=?.2=? ,̂ H^{z) = z ' , and H, (z) = (1 - A • z"') are used. LetA = l-S;^, where 

S;^ is the leakage error. Equation (3.18) can be expressed as 

\ + S 
x + 

A • - l + ^ ; - z - ' 
•CT. (3.19) 

Figures 3.2(a) and 3.2 (b) show simulations of the effects of integrator leakage on 

the modulator's STF and NTF with ^^ = 0.01 and ^^ = 0.001 [58]. With an OSR of 32 

and leakage error of 1%, the in-band signal is lowered about -0.08dB in magnitude and 

the noise-shaping function is clamped at -80dB at dc, comparing to a value of negative 

infinity for an ideal function. The low-frequency clamping greatly deteriorates the 

modulator's performance. However, by reducing the leakage error to 0.1%, the changes 

in both STF and NTF will not be significant as shown in Figures 3.2(a) and 3.2(b). 
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The integrator leakage can be reduced by increasing the integrator's dc gain. The 

design of an integrator with a dc gain of 1,000 or greater is not a difficult task in modem 

VLSI technology, and it lowers the impact of integrator leakage on a cascaded SA 

modulator. 

3.1.4 Solutions for the Nonlinearities 

The analog nonlinearities in a cascaded (1-1) modulator are summarized in Table 

3.1, with flieir impacts shown by SNR losses. Solutions for these nonlinearities are also 

provided in Table 3.1. 

Table 3.1: Summary of the analog nonlinearities in a cascaded SA modulator 

Nonideality 

Gain 
mismatch 

Mixed 
mismatch 

DAC 
nonlinearity 
errors 

Integrator 
leakage 

Effects 

(1) Modulated input. 

(2) Leaked intemal 
quantization & DAC 
errors. 

(1) First stage error leaks 

to output directly. 

(2) Errors from intemal & 
final stages are shaped 
by lower-order 
fimctions than the 
quantization error. 

(1) Modulated input. 

(2) Deteriorated 

quantization noise at 

low frequencies. 

SNR Loss 

(l)0.95dB for 1-bit 
>10dB for 4-bit 

(2)<ldBfor4-bit 

(1) 37.25 dB 
for 4-bit 

(2) 12.57dB 
for 4-bit 

(l)0.08dB 

(2)>10dB 
for X=0.99 

Solutions 

(1) Avoid low-
order cascaded 
structure. 

(2) Insignificant. 

(1) Prior 
techniques in 
Section 3.2 to 
Section 3.4. 

(2) A new 
architecture 
in Chapter IV. 

A compensation 
technique shown 
in Appendix A. 
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With a standard VLSI process, the gain and mixed mismatches are negligible if 

the low-order cascaded structure is avoided; the influence of the integrator leakage 

becomes insignificant if the integrator's dc gain is increased to 1,000 or more. In spite of 

these two nonlinearities, the DAC error causes the greatest performance deterioration in 

tiie modulator and needs to be minimized with extra efforts. 

3.2 Prior Techniques for DAC Error Minimization 

In this section, prior approaches used for minimizing DAC nonlinearity errors in a 

cascaded multibit SA modulator are reviewed. These approaches include (1) calibration 

techniques, (2) innovative architectures, and (3) element matching techniques. 

3.2.1 Calibration Techniques 

A sfraightforward approach to increasing the accuracy of the intemal DAC is to 

improve the matching of its individual elements. This type of approach can be further 

divided into two groups: (1) one-time trimming methods [59-61] and (2) repeated 

trimming methods [63-68]. 

One of the most common approaches in the one-time category is laser trimming. 

It is commonly used to trim the resistors of high-resolution audio DACs during 

fabrication. Such an on-chip, one-time trimming approach can be realized by adding 

configurable resistors or capacitors into the circuitry. Control logic is used to connect or 

disconnect certain parts of the elements to change the overall resistance or capacitance 

value [62]. The major advantage of one-time trimming is that the trimmed elements can 
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be very accurate, which greatly increases the DACs linearity. However, such an 

approach is open-loop and cannot compensate for the variations caused by temperature, 

power supply, and device aging. 

The concept of the repeated trimming approach is to add on-chip hardware to 

sense the errors generated by the mismatched elements and correct them continuously. 

One type of tiiis approach is to periodically calibrate each element by comparing it to a 

standard element [64-65]; therefore, extra time is needed for calibration. Another 

approach is to use digital circuifry for long-term calibration [66-68]. However, this may 

consume large areas in implementation and its effectiveness depends on the algorithms of 

the calibration as well as the accuracy of the sensing circuitry. 

3.2.2 Innovative Architectures 

Innovative modulator architectures have been widely proposed to solve DAC 

nonlinearity problems [69-74]. A dual-quantizer architecture, as shown in Figure 3.3, is 

one scheme used to prevent DAC nonlinearity errors [71-72]. The principle is to use a 

coarse single-bit modulator with an exfra multibit quantization path to form an equivalent 

multibit SA modulator without using a multibit DAC in the feedback path. 

By adequately selecting the error cancellation logic, the output of the dual-

quantizer architecture can be derived as 

y = z-^ x + il-z-^f-e^, (3.20) 

where e^ is the quantization error of the M-bit quantizer as shown in Figure 3.3. 

Although the dual-quantizer architecture achieves multibit modulation without adopting 

39 



an M-bit DAC, it can only increase the modulator's order by one. Thus, the highest noise-

shaping function it can achieve is third order, or the modulator's stability will be affected. 

Error cancellation logic 

Figure 3.3: A dual-quantizer architecture. 

An architecture which uses multiple dual-quantizer schemes with an interstage 

scaling technique has been proposed in [73], as shown in Figure 3.4. Similar to the dual-

quantizer structure, this architecture avoids the use of multibit DAC in the feedback path 

but achieves higher-order noise shaping. The interstage scaling factor, K, is used to 

fiirther reduce the quantization. 

I Dual-quaatizer SUge 1 

Interstage scaling 

Figure 3.4: An extended dual-quantizer architectiire with interstage scaling. 

40 



Another cascaded architectiire proposed in [74] uses an extra feedback path from 

the second-stage modulator to the integrator's output of the first-stage to cancel out the 

DAC error. Its fransfer fiinction is exactly that of Equation (3.20), with e^,^ being totally 

cancelled out. 

Error cancellation logic 

Figure 3.5: A cascaded multibit SA modulator with an extra feedback path. 

3.2.3 Dynamic Element Matching Techniques 

In addition to calibration and architectural solutions, dynamic element matching 

(DEM) is the most widely used technique for improving the DAC nonlinearity problem 

in a multibit SA system [21]. Different approaches have been proposed for DEM, such as 

element randomization [75] and element rotation [76-85]. 

To fully understand the operation of DEM, an example of a 3-bit quantization, 

similar to that in [80], is illustrated here. In the feedback path of a 3-bit modulator, a 3-bit 

fiilly-differential, switched-capacitor (SC) DAC, as shown in Figure 3.6, is required. In a 

common analog design, a DAC is implemented by matched unit elements like the pair of 

CI to C8 as shown in Figure 3.6 to enhance the linearity. However, there still exists a 
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mismatch between two unit capacitors with a typical value of 0.1%. Without any 

minimization techniques, such mismatch goes into the modulator input directly like an 

input signal, causing performance degradation of the modulator. Therefore, DEM is 

applied to reduce such DAC mismatch. 

-Vref +Vref 

W^^^^^^^f^J. 
Cf+ 

DEM control 
signals to 
switches 
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Figure 3.6: A 3-bit fiilly differential SC DAC with DEM technique. 

The concept of DEM is to generate control signals to change the tum-on sequence 

of the elements being used for each of the DAC inputs. The effect that a DEM causes to 

the DAC error is similar to the noise-shaping of the quantization error. In spectral 

analysis, the DAC error at low frequencies is pushed to out-of-band at higher frequencies, 

lowering the in-band DAC error amount. 

The principle of element randomization is to use a randomizer to randomly 

shuffle elements. The implementation of a randomizer needs complex digital circuitry 

and considerable chip area. On the other hand, element rotation is a simpler and more 

efficient way for mismatch reduction. The principle of element rotation is to generate 
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DAC output by cyclically sorting the DACs elements with an algorithm, creating a 

similar effect on noise-shaping of the DAC error. 

Data-weighted averaging (DWA) is the most used technique among element 

rotation techniques [81-85]. Figures 3.7(a) and 3.7(b) demonstrate how DWA operates. 

Elements CI to C8 are shuffled cyclically according to the input codes by DWA, which 

averages out the usage of each element. The elements represented for the lower 

significant bits such as CI and C2 in the unshuffled DAC shown in Figure 3.7(b) are used 

for almost every input code while C7 and C8 are used less frequently. This reveals an 

unbalanced use of the elements that will create an unaveraged DAC error in the 

modulator. 

Time Input Original DWA 

T=n +4 01 C2 03 C4 CI C2 C3 C4 
T=n+1 -3 CI C2 C3 05 C6 C7 
T=n+2 +3 CI C2 C3 C8 CI C2 
T^i+3 -2 CI C2 C3 C4 
T=n+4 +2 03 C4 C5 C6 

5 

DWA - Capacitor rotation Example 

(a) (b) 

Figure 3.7: DWA algorithm: (a) capacitor rotation and (b) an example of 
operation. 

By adopting DWA, the DAC error will be shaped by an approximate first-order 

shaping function, as shown in Figure 3.8; however, since the DAC error is not zero at all, 

there is an averaged dc value in the spectrum. Such a dc value restrains the improvement 
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that the DWA can achieve, especially for DAC errors in low frequencies. The ideal 

improvement of a first-order shaping-fiinction is 24.68dB by calculation; however, the 

effective improvement by using the DWA is less, as can be seen in Figure 3.8. 
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Figure 3.8: Transfer functions of the DAC errors with DWA. 

Element rotation techniques with first-order shaping function which provide 

better performances than the DWA will be presented in the next section. Element rotation 

techniques with second-order and higher-order DAC error shaping functions are being 

developed [87, 88]. From the published papers it can be seen that high-order DAC error 

shaping is prone to instability and needs particularly complicated hardware. 

In summary, the DEM technique provides an approximate first-order shaping 

function to the DAC error with modest implementation complexity. However, one major 

disadvantage of the DEM technique is that its effectiveness strongly depends upon the 

algorithms used. In addition, DEM is also input-dependent, making it difficult to analyze. 
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If the algorithm for DEM is not well accommodated, it will introduce signal-dependent 

tones which consequently lower the modulator's spurious-free dynamic range (SFDR) 

[86]. 

3.3 A Double-Index Double-Direction DWA Algorithm 

Element rotation techniques other than DWA have been widely proposed in 

recent years to provide better shaping of the DAC error than DWA. Such techniques 

include individual-level averaging (ILA) [79], double-index averaging (DIA) [80], 

rotated DWA (RDWA) [85], partial-range DWA [86], etc. The techniques incorporated 

in these algorithms include multiple pointers, element grouping, and element re-ordering. 

All of the techniques help to further randomize the elements, resulting in more averaging 

to the DAC error. 

As discussed in Section 3.2.3, DEM provides an approximate first-order shaping 

on the DAC error with moderate complexity. The objective in our research in DEM is to 

develop algorithms which offer a better minimization effect on DAC errors with lower 

cost. 

The double-index averaging (DIA) algorithm uses two index pointers, instead of 

one, to control separately the elements connected to the positive and negative input 

terminals of the amplifier, as shown in Figure 3.6. Figure 3.9 shows how both pointers 

operate with separate shuffling loops. The correlation of DAC error between the two 

input terminals is further minimized, randomizing the DAC error more than the DWA 
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does. Hence, with DIA, greater suppression of the input-related tones than the DWA is 

anticipated, and a better modulator performance is also expected. 

(Capacitors to \i+) 

+pointeiU C 1 - * C 2 - * C3 ^ C4 - ^ C5 - * C 6 - * C 7 - ^ C8 J 

-po i l l t er |—• Cl »• Cl • C3 • C4 • C5 • C6 • C7 • C8 - | 

(Capacitors to Vi) 

Figure 3.9: The double-index averaging (DIA) technique. 

The proposed DEM approach is called double-index, double-direction (DIDD) 

averaging, as shown in Figure 3.10. This approach uses two index pointers but it 

includes an opposing cyclic direction for each set to further randomize the elements, 

making its performance better than DIA without the extra cost. 

(Capacitors to Vi+) 

+poiiiter|_^ Cl —»• C2 —- C3 —f C4 —*• C5 —*• C6 -̂»- C7 —*• C8 -I 

-pointeri—»• c s — • C7—• C6 —• C5 —• C4 —•• C3—*• C2—• ci -i 

(Capacitors to Vi-) 

Figure 3.10: The double-index double-direction averaging (DIDD) technique. 

To compare performance, simulations have been done with a second-order 4-bit 

modulator for audio applications. Its input is a -70dB sinusoidal signal and OSR of 32. 

The 4-bit DAC is assumed to have an INL of 0.07% LSB. Figures 3.11(a) to (d) show the 

spectral density diagrams of the modulator output by using DIDD, DIA, DWA, and a 

randomized algorithm through the use of a randomizer. The small input is used for the 
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purpose of watching tonal behaviors. The results show that DIDD and DIA have better 

specfral shapes than those of DWA and randomization. However, some tones can be 

observed in the DIA plot as shown by an arrow in Figure 3.11(b). The noise pattern of 

DWA is not random enough and the randomization has a poor DAC error shaping 

diagram, as indicated by the arrows in Figure 3.11(c) and (d), respectively. 
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Figure 3.11: Spectral density plots with (a) DIDD, (b) DIA, (c) DWA, and 
(d) randomization algorithms. 

Figure 3.12 shows SNR versus input signal for DIDD, DIA, and DWA. The 

overall SNR of DIDD is better overall than that of DWA. hi addition, the SNR of DIDD 
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is about the same as that of DIA for large input signals but is better than that of DIA for 

small input signals. 

Comparison of SNR values for DWA, DIA and DIDD 

-60 -40 
input level in dB 

Figure 3.12: SNR versus input level curves for DIDD, DIA, and DWA. 

3.4 A Cascaded Fourth-Order (2-1-1) SA Modulator with DEM 

A cascaded fourth-order (2-1-1) SA modulator targeting for a wide-band, low-

OSR application with 4-bit quantization in all three stages and a DEM technique for DAC 

in each feedback path has been proposed in [89]. For the purpose of comparison, this 

work is briefly summarized in this section. 

The cascaded fourth-order (2-1-1) SA modulator with DEM is shown in Figure 

3.13. Both integrators in the first stage, MOD-1, have the same gain coefficients of 1/2. 

To obtain its transfer fimction, the effect of DEM is first ignored. Using the linearized 
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model and the white noise assumption for all quantization errors, ei, c:. and ej and all 

DAC errors, e<//, edi, and edi, the modulator output is given as 

. -K4 r. , - 2 , , , -1 , -2^ i, --4 
~4 

r = (-)-r ^ • ^ + ( l - r - M ^ - £ 3 - c - ^ ( 3 - 3 z - ' + z - ^ ) - £ 

b , - - K 2 r. _ - l . , - K 3 
Jl (3.20) 

+ z ' d - r • ) ^ - ^ ^ 2 - - " 0 - - ' " ) •^. J3 ' 

where error cancellation functions are selected as / / , (z) = z"' • (3 -3z" ' -i-z~^), 

/ /2( - ) = ( l - r - l ) - , / / , . ( r ) = z - ' , and / /3 (z ) = ( l - z - ' ) 3 . 

0.5z -W±)»r:7^-*0 
O . S z ' •Q-iM——» 

I Error caacellatioD logic 

z-^-(3-3z-^+z--] 

-f 

MOD3 

DEM 

Figure 3.13: A cascaded fourth-order (2-1-1) SA modulator with DEM. 

Ideally, the intemal quantization errors, ej and ej, are cancelled; only the 

quantization error of the final stage, ej, shaped by a fourth-order function, appears at the 

modulator output. Errors caused by the DACs behave quite differently. The error Cdi 

remains imshaped while edi and edi are only second-and third-order shaped, respectively. 
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The function (3 - 3c ' + z ~) associated with edi is a high-pass function with a dc gain of 

0 dB and a flat in-band frequency response. 

Calculating the ideal SNR of this structure with fiill-swing input and an OSR of 

16, the value is 118.76dB. However, without DEM, the unshaped ej; will deteriorate the 

SNR by 65.90 dB if edi is 0.1% of e/. The second-order-shaped ed2 will degrade the SNR 

by 20.7 IdB and the third-order-shaped Cds will degrade the SNR by only 1.23dB. 

In [89], DEM is used for each of the DACs. With DEM the DAC errors, e^i, ed2, 

and ed3 are first-, third- and forth-order shaped, respectively, if the DEM is an ideal first-

order shaping fimction. Under this assumption ed2, and ed3 will become insignificant and 

the only critical error will be edi, which will degrade the SNR, in this case, by 47.02dB. 

However, as described previously, the DEM shapes the DAC error with a function less 

than first-order, resulting in an actual SNR loss greater than the ideal 47.02 dB. In 

addition, hardware cost is a consideration since more DACs need to be modified. 

Moreover, DEM will increase the circuit implementation complexity as well, potentially 

leading to performance degradation by digital interference to analog components. 

Therefore, the goal of this research is to develop a method other than the existing DEM 

approach to improve the performance of a cascaded higher-order SA system. 

3.5 Summary 

In this chapter, an analytical examination of analog nonidealities in a cascaded 

multibit modulator has been presented. The results show that the SNR loss caused by 

gain and mixed mismatches is significant only in low-order cascaded structures and can 
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be prevented by properly selecting the modulator architecture. The SNR loss caused by 

the integrator leakage is not noticeable if the integrator's dc gain is designed to be greater 

than 1,000. The DAC nonlinearity is the only critical error to be minimized. 

Previous techniques proposed to minimize the DAC nonlinearity error have been 

reviewed. Among these techniques, the widely-used dynamic element matching 

techniques have been studied extensively. DWA is a simple and efficient DEM approach 

which shuffles the elements in a DAC, averaging out the mismatch errors. The effect is 

similar to noise shaping. However, since the averaged DAC error is not zero at dc, such 

shaping function is less than a first-order one. An improved DWA algorithm called DIDD 

has been proposed. Behavioral simulations show that DIDD is better than DIA and DWA 

in tonal behaviors. 

A prior cascaded fourth-order (2-1-1) SA modulator with all 4-bit quantization 

and DEM techniques has been analyzed in this chapter. The analysis shows that the DEM 

considerably increases the circuit complexity in exchange for an insufficient SNR 

improvement in DAC errors. 

In the next chapter, an architectural approach to minimize the DAC errors will be 

proposed. This approach provides a better performance without the use of DEM 

techniques. 
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CHAPTER IV 

THE PROPOSED CASCADED ARCHITECTURE WITH DAC 

NONLINEARITY CANCELLATION TECHNIQUE 

In this chapter, an error reduction technique that improves the performance 

deterioration caused by DAC nonlinearity in a cascaded multibit SA modulator is 

proposed. Altemative to adopting the DEM techniques as introduced in Chapter III, the 

proposed approach mitigates the DAC errors with a topological approach while providing 

better performance. 

The principles of the proposed architecture are described in Section 4.1. A third-

order (1-1-1) SA modulator is illustrated as an example. Transfer functions of the 

proposed architecture are derived and compared with those in a MASH structure up to the 

nth-order. Quantitative analysis of the SNR loss by DAC errors, similar to the approach 

given in Section 2.4.6, will be applied to both the proposed and the MASH modulators 

for comparison. 

In Section 4.2, a cascaded fourth-order (2-1-1) modulator based on the proposed 

architecture is developed. This modulator is then compared with the prior work of the 

MASH (2-1-1) modulator with DEM as introduced in Section 3.4. System-level design of 

the fourth-order architecture, including selection of bit number for intemal ADCs/DACs 

and scaling of the entire modulator, is also presented. Behavioral simulations of the 

proposed and the MASH modulators are shown in Section 4.3. The simulation results 
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demonsfrate great improvement on minimizing DAC errors by the proposed modulator 

over the MASH sti-ucttire with DEM. 

4.1 Principle of the Proposed Architecture 

4.1.1 Background 

As described in Chapter 111, the DAC error at each stage of a cascaded modulator 

behaves like an input signal and appears at the output of that stage, directly degrading the 

modulator's performance, hi a cascaded modulator, the error cancellation logic, used to 

cancel out the intemal quantization errors, shapes the DAC errors at the same time but 

with lower-order shaping functions. For example, as shown in Figure 2.13, the function 

/ / i (r) is selected as z~', meaning that the DAC error e^, is unshaped and appears at the 

overall output. The function of the second stage, Hj (z), is chosen as (1 - z~'), meaning 

that the DAC error e^2 is only first-order shaped at the output, where a second-order or 

higher-order function is required. The DAC errors at later stages have the same problem. 

In total, DAC errors appear at the overall modulator output unshaped or lower-order 

shaped, deteriorating the modulator's performance [15-16, 18, 21-22, 32, 90-91]. 

The idea of the proposed architecture is to create extra feedback paths around the 

structure to shape the DAC errors further with the error cancellation logic. Figure 4.1 

shows the proposed architecture of a third-order (1-1-1) SA modulator. Based on the 

conventional MASH (1-1-1) structure as shown in Figure 2.13, the proposed modulator 

has an extra DAC error feedback path at each stage, excluding the first one, to its 
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preceding stage and is summed at the integrator's output of that stage. DAC error 

minimization is accommodated by selecting each of the cancellation functions, which can 

cancel out intemal quantization errors and simultaneously provide higher-order shaping 

fimctions for DAC errors [21, 74]. Two sets of error cancellation functions have been 

found which meet this task, making the proposed architecture practical. 

Error cancellation logic 

MOI^ 1 
ViT'H 1 " " " + 

±)-» Ji(^ ••^iH~*^£rTr* ^̂^̂^ -*(i)-^ Bi/Z) -I 

MOD-3 

Figure 4.1: The proposed architectiire by a cascaded third-order (1-1-1) SA modulator. 

4.1.2 Transfer Functions of the Proposed Architecture 

By using the linear model which treats the quantization error and the DAC error 

as additive white noises, the transfer fiinction of each stage, MOD-1, MOD-2, and MOD-

3, can be derived as 

y^ =u+ei =Ix{x-yi-ea^)-iy2+ea2), (4.1) 
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V2 =v+c2 =/2(^i+^rfi -.y2-^d2)-iyi+^d3)^ (4.2) 

and 

V3 = u + e j =I^(C2 +e^2 -.V3 -^c/3)' (4.3) 

respectively. In these equations, //, I2, and I3 represent the integrator functions and are 

assumed to be identical and equal to ^ . From Equations (4.1) and (4.2) it is seen 

that, unlike the fraditional cascaded stmcture, the modulator outputs;^/ and V2 of the 

proposed architecture contain the output signal and the DAC error from the following 

stage. 

To obtain the overall fransfer function, each modulator output, as shown in 

Equations (4.1) to (4.3), needs to be represented by the variables of input, quantization 

errors, and DAC errors only. Starting from the final stage, y^ can be expressed in z-

domain as 

y3=z-\e2+ej2) + (^-^~')(^3+ed3)-eci3- (4-4) 

Substituting Equation (4.4) into Equation (4.2), y2 can be solved as 

>̂ 2 = / 2 (^1 + ^rfl - >'2 - ^rf2 ) - [^"'(^2 + ^rf2 ) + 0 - ^~')(^3 + ^^3 ) - ^^3 + ^rf3 ] + ^2 ^4 5^ 

= z-\ei+ej^) + il-z-^f (62+6^2)-i^-^~^f i^3+^d3)-^d2-

Similariy, substitiiting Equation (4.5) into Equation (4.1), yi can be solved as 

j ; i=/ , (x->; i -erf i ) - [z- ' (e i+erf , ) + ( l -z" ' )^(e2+e^2)-0-^" ' )^(^3+^. i3) 

-ed2+ed2] + e, (4.6) 

= z-*x + (l-z- ' )2(e,+e^i)-( l-z-*)^(e2+erf2) + (l-^"')^(^3+^rf3)-^rfi-
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The solving procedures have to be performed from the final stage backward 

because each modulator output contains signals from the following stages. However, 

selection of the error cancellation ftinctions for each modulator starts from the first stage. 

By selecting//, = z"' and //2 = (1 - r"' f, the mixed fiinction of the first and the second 

modulators, \/.->, is given as 

= =-'x-{\-z-')\e2+e,2) + i\-z-')\e,+e,,)-z-'e,,+il-z-'fe,2. "̂̂ '̂ ^ 

By choosing //,2 = z~' and H^=(l- z"' )^, the overall output can be derived as 

V = // i2Vi2 +//33^3 

= z-\x-z-\l-z-')\e2+ej2) + z-\l-z-')\e^+ea^)-z-h,, (4.8) 

+ z~H\-z-')-ej2+^~\'^-=~')\e2+e,2) + i\-z-')\e,+e^^)-(\-z-'fej,. 

Collecting all the terms in Equation (4.8), overall modulator output;; is 

y = z-^x + (l-z-^)^e^-z-^e^^+z-\\-z-^fe^2- (4.9) 

By using the same approach, the output of a MASH third-order (1-1-1) SA modulator is 

derived as 

y = z-^x + (l-z-^)h^-z-hj^+z-\l-z-^)e^2-^~^(^-^~^fe^^. (4.10) 

It is observed from Equations (4.9) and (4.10) that both architectures have the 

same transfer function for the input and quantization error but have different transfer 

functions for DAC errors. The proposed architecture has better transfer functions 

associated with DAC errors than the MASH structure: (1) the DAC error of the final 

stage, ed3, has been totally cancelled out, (2) the DAC error of the middle stage, ed2, has a 

shaping function one order higher than that of a MASH stmcture, and (3) the DAC error 
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of the first stage, edi, like that in the MASH stmcture, remains unshaped. In summary, a 

better SNR is expected from the proposed architecture than that from the MASH 

structure. 

Extending the proposed architecture to an «th-order topology in which n first-

order modulators are cascaded together, its overall output is derived as 

v = z-".v + ( - l ) " - ' ( l - z - ' ) ' ' . „+ ( - l ) "z ' ' - ' . „+ | ; ( - l ) ^z - ( " -^ ' ( l - z - ' ) ^ . , , . ( 4 .11 ) 
k=2 

By contrast, the overall output of an «th-order MASH modulator is 

v = z-".v + (-l)''-'(l-z-')''e„ H-lfz"-'e,,+j;^{-\fz-<^~'\\-z-Y-'^e,, . (4.12) 
k=2 

Equations (4.11) and (4.12) differ in noise transfer functions for DAC errors. As 

shown in Table 4.1, the proposed architecture has better noise transfer functions 

associated with DAC errors for the terms from ed2 to edn- The edn in the proposed 

architecture is completely cancelled out. 

The nth-order topology can be formed by cascading multiple second-order 

modulators to take advantage of having fewer stages and therefore fewer DAC errors 

[92]. Its output fimction can be derived using the same procedures as for the single-order 

case, but selecting its error cancellation fimctions is more complicated than that of a 

single-order case. 
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Table 4.1: Noise fransfer functions for DAC errors for the nth order case 

Stmcture 

STF (Input .Y) 

NTF (Quant, error e„) 

NTF for DAC error Cdi 

NTF for DAC error e,/j 

NTF for DAC error c</: 

NTF for DAC error ed(n-i) 

NTF for DAC error edn 

The Proposed 

^-n 

d-z-')" 

--(«-!) 

; - ( ' ' - 2 ) . ( i _ - - l ) 2 

, - ( « - 3 ) . ( i _ ^ , - l ) 3 

z - ' . ( l - z - l ) « - ' 

None 

MASH 

_-n 

d-z-')" 

, - (« - l ) 
Z. 

, - ( ' ' -2) .( i_^-iy 

Z-( ' ' -3 ) . ( l _^- l )2 

Z - ' - ( l - Z - > ) " - 2 

d-z-')"-' 

4.1.3 Noise Figures of the Proposed Architecture 

As shown in Table 4.1, the later stages in a cascaded stmcture contribute to fewer 

DAC errors since they are shaped by higher-order functions. However, the DAC error of 

the first stage remains unshaped, causing the largest SNR loss. This problem can be 

solved by using either (1) a multibit quantization with a DEM technique, or (2) a single-

bit quantization by which the DAC error does not exist. 

To evaluate both solutions, the noise figures of both cases are analyzed 

quantitatively. Taking the third-order (1-1-1) modulator as an example, assuming its peak 

reference voltage is 1 Vp, OSR is 16, and its third stage is 4-bit, its ideal SNR is 

computed to be 99.6IdB with a full-swing sinusoidal input signal. 
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Considering the first solution by which all stages are set to be 4-bit, the SNR 

losses caused by DAC errors for the proposed architecture, the MASH stmcture, and the 

MASH with DEM are shown in Table 4.2. Quantization errors in each stmcture are set to 

be 0.1%. In general, the proposed architecture performs better than the MASH and the 

MASH with DEM. However, a significant loss associated with edi can be seen from 

Table 4.2 for all stmctures, which needs to be reduced further. 

Table 4.2: The SNR losses caused by DAC errors for the all 4-bit case 

Stmcture 

Ideal SNR 

SNR loss by edi 

SNR loss by ed2 

SNR loss by ed3 

The Proposed 

99.6 IdB 

40.76dB 

1.33dB 

None 

MASH 

99.6 IdB 

40.76dB 

21.87dB 

1.33dB 

MASH with DEM 

99.6 IdB 

32.00dB 

ll.OOdB 

0.1 OdB 

Next, consider the second solution. An efficient way to get rid of the DAC errors 

completely is to use the single-bit quantization for all stages since one-bit A/D and D/A 

conversion is ideal [77-79]. However, the overall SNR in such case is only 81.55dB. For 

higher resolution, a multibit final stage is necessary. According to Table 4.2, the SNR 

loss by a 4-bit DAC error ed3 is 1.33dB, which is far smaller than the SNR decrease by a 

single-bit third stage, 18.07dB; therefore, the use of multibit for the final stage is 

appropriate. 

For other intermediate stages, ideally, single-bit quantization can be used to 

eliminate the DAC errors. Such selections will not change the overall SNR theoretically. 
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since all quantization errors, excluding the one at the final stage, are cancelled out. By 

using a single-bit quantization, a larger quantization error is expected. The larger 

quantization error functions as an input signal to the next stage. Such error usually causes 

a larger integrator output which will cause overload if its magnitude is over the ftill 

output swing. 

Even though the overload problem may exist, selecting a single-bit quantization 

for the first stage is possible since an unshaped edi deteriorates the modulator's SNR by 

40.76dB, according to Table 4.2. By using 4-bit quantization with DEM, the SNR loss is 

still greater than 3OdB; therefore, no technique can compensate for such an amount of 

loss if a multibit first stage is used. 

The second stage can be chosen as either a single-bit or a multibit, depending 

upon the ti-ade-offs between the SNR loss by the DAC error and the SNR degradation due 

to the integrator overload caused a larger quantization error. For the proposed 

architecture, a multibit quantization is selected because the DAC loss caused by ed2 is 

only 1.33dB whereas the SNR loss by a larger quantization error may be greater. In 

conti-ast, the SNR loss by ed2 in a MASH stmctiire is still greater than 20dB, which 

implies that a single-bit quantization for the second stage or a multibit quantization with 

DEM can be used [22]. 

Table 4.3 shows error figures for all choices along with the proposed architectiire 

for comparisons. The MASH (lb,lb,4b) stmctiire may have noticeable SNR loss by 

integrator overioad, while the MASH stmctiire incorporated with DEM needs exfra 

circuitry. The proposed stmcture has the least SNR loss. 
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Table 4.3: Error Budgets for the design of different cascaded stmctures 

Stmcture 

Ideal SNR 

SNR loss by edi 

SNR loss by ed2 

SNR loss by ed3 

SNR loss by 
larger quant, 
error 

The Proposed 
(lb,4b,4b) 

99.61dB 

-

1.33dB 

-

Less 
Significant 

MASH 
(lb,lb,4b) 

99.6 IdB 

-

-

1.33dB 

Significant 

MASH 
(lb,4b,4b) 

99.6 IdB 

-

21.87dB 

1.33dB 

Less 
Significant 

MASH w/DEM 
(lb,4b,4b) 

99.6 IdB 

-

ll.OOdB 

0.1 OdB 

Less 
Significant 

4.1.4 Analog Nonidealities in the Proposed Architecture 

The analog nonidealities other than the DAC nonlinearities are not significant in 

the proposed architecture. The input-dependent leakage caused by gain and mixed 

mismatches is second-order shaped in a cascaded third-order modulator, which is 

insignificant in quantity. The integrator leakage is also insignificant if its dc gain is 

designed to be 1,000 or higher. Such a task is easily achieved with today's technology. 

The integrator overioad caused by a larger quantization error becomes the only noticeable 

analog nonideality in high-order cascaded stmctiires. Such problem can be alleviated by 

scaling the overall modulator, as will be described in the next section. 

61 



4.2 A Cascaded (2-1-1) Modulator with DAC Error Cancellation Technique 

A cascaded fourth-order (2-1-1) modulator with DAC cancellation technique has 

been developed to achieve a higher resolution with lower OSR. The proposed modulator 

will be implemented and verified in silicon. 

4.2.1 The System 

Figure 4.2 shows the proposed fourth-order (2-1-1) SA modulator. This system is 

similar to the third-order (1-1-1) one shown in Figure 4.1 but with a second-order first 

stage. All integrators in this system are represented by / with the function of - j - . 

1 —z 

Several parameters such as the integrator gain coefficients, bit numbers for the intemal 

and the final stages, and the error cancellation ftinctions need to be determined. 
Error cancellation logic 

H„(zJ 1 

-I-

+ 

H/Z) 

MODT' 

Figure 4.2: A fourth-order (2-1-1) modulator with DAC error cancellation technique. 

62 



1- Integrator sain coefficients: In Figure 4.2, integrator gain coefficients, a, b, c, 

and d, used for modulator scaling are shown. As discussed in Section 2.6, a second-order 

modulator with integrator coefficients a=h=\ will be overioaded when the input is greater 

than -3dB of the full swing. Thus, a and 6 must be scaled. The integrator coefficient of 

tile second stage, c, also needs to be scaled to shrink the larger quantization noise since a 

single-bit quantization for the first stage is used. 

2. Bit numbers: As shown in Table 4.2, the proposed architecture uses multibit 

quantization for the intemal and final stages to enhance the entire SNR without 

noticeable degradation by DAC errors. However, the bit numbers for the intemal and the 

final stages can be optimized to save hardware cost while maintaining performance [21, 

32]. 

3. Error Cancellation Logic: The error cancellation fimction for each stage of the 

(2-1-1) system is more complicated than those of a (1-1-1) stmcture since a second-order 

first stage is used. 

In system-level design, the selection of integrator gain coefficients and bit 

numbers is related to each other; therefore, an empirical method as described in Section 

4.2.3 is employed. 

4.2.2 Error Cancellation Functions 

To determine the error cancellation functions, the transfer function of each stage 

first needs to be obtained. By using the linear model and the approach shown in Section 
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4.1, tile ti-ansfer fiinction of each stage of a fourth-order (2-1-1) modulator can be 

derived, starting from the final stage, as 

' - ^ ^ ^ • ^ ' ^ ^ ' ' ' ^ ^ - ^ • ^ ^ 3 ^ ^ ' ^ 3 ) - - . 3 ; (4.13) 

1 (4.14) 

" ( i - f c / ) ( i + j / ) - ^ ' 3 ^ ^ ' ' - ^ ^ - ^ ^ 2 ; 

, • ) 

ab-I- 1 1 

''•~pr(i+c/)(iw/)"''^F^rr^-^''^'^'^-r(i+c/)(iw/)'^'2^'^2) 
"pr(i+c/)(i-Hj/) '^"^"'" '^3)-^. . , 

where 

^ = 5-. (4.16) 
{\ + aI + abr) 

For simphcity, the integrator function is represented as / in Equations (4.13) to (4.16). 

There are two sets of selection of error cancellation functions for this system and 

can be referred to as scaled STF and lowpass STF solutions, as described below: 

1. The scaled STF: By inserting Hy^(z) before the function of the first stage. 

Hi (z), as shown in Figure 4.3, and selecting all of the cancellation ftinctions as shown in 

Table 4.4, the overall modulator output is derived as 

abcd-M 1 cd-I^ d-I 
y = T--X + ^-ei T-^/ii + r-^d2- (4-17) 
^ {\ + I)' (1 + / )^ ^ (l + /)2 ^' (1 + / )^ ^ ' 

Substituting/by and letting edi equal zero, Equation (4.17) becomes 
l - z ~ ' 
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v = aicJ-z"^-.Y + (l-z~')'*-e3+z"'(l-z~')^-e^2- (4.18) 

Equation (4.18) shows a simple overall transfer function for the proposed (2-1-1) 

modulator. The quantization error is fourth-order shaped; only one term associated with 

the DAC error appears, which is third-order shaped. The input, however, is scaled by all 

the gain coefficients, leading to significant signal attenuation. The attenuation causes a 

shrink of SNR in analog implementation in which the modulator's noise floor is fixed to 

a constant level by the thermal noises of the intemal devices. The scaled STF solution is 

simple but is not suitable for implementation. 

>'l 
Hxiz)^ 

yi 
* 

{\+bI+abf) 
iy+if 

cl 
(1 + / ) 

H,_,{z) H^(z) 

Figure 4.3: The cancellation ftinctions for the first stage of the scaled STF solution. 

Table 4.4: The error cancellation functions for the scaled STF solution 

Block 

Hui^) 

/ / ,(z) 

//2(z) 

/ / , 2 (^ ) 

H,(z) 

Function 

l + bl + abl^ 

(l + lf 

c-I 

(1 + / ) 

1 

(1 + / )^ 
d-I 

(1+/) 

1 

(1 + / / 

In z-domain 

z-2(3-3z- '+z-2) 

C-Z-' 

i\-z-'? 

d-z" 

d-z-')^ 
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2. The lowpass STF: Another solution set of error cancellation fimctions is 

obtained without using the adjusted term // |^ (z). By selecting the error cancellation 

functions as shown in Table 4.5, the overall modulator output is derived as 

vi = 
abcd-I^ 

x + -
1 

• • ^ 3 

cd-I' 

W{\ + cI){\ + dI) W{\-\-cI){\ + dI) " {\ + cI){\ + dI) 

d-I 

•^d\ 

(4.19) 

n\\+ci){\+di) •<^d2-

where Wis the fimction given in Equation (4.16). Again, Cdi is zero for a single-bit first 

stage. 

Table 4.5: The error cancellation functions for low-pass STF solution 

Block 

H,{z) 

//2(z) 

Hni^) 

H^{z) 

Function 

c-I 

(1 + /) 
1 

(l + Z?/ + a6/^)-(l + c/) 

d-I 

(1 + /) 
1 

{\ + bI + abI^)-{\ + cI){\ + dI) 

Expressing Equation (4.19) in z-domain is a very long equation; therefore, each 

term of the modulator output is listed in Table 4.6. Although the STF, NTF, and TF for ed2 

are more complicated than those in the scaled STF case, the lowpass function of STF is 

without in-band signal attenuation. Therefore, it is preferable for actiial implementation. 
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Table 4.6: Transfer ftinctions of the proposed modulator with a lowpass STF 

Funct. 

.V 

(STF) 

63 
(NTF) 

ed2 
(DAC) 

In z-domain 

abcd-z~^ 

\+(-A+A)z~^ +(6-3A+B)z~^ +{-A+3A-2B+Qz~^ +il-A + B-C+D)z^ 

H-z'V 
\+{-A+A)z~^ +(6-3A+B)z~- +i-A+3A-2B + Qz~^ +(\-A+B-C+D)z^ 

c/.z-'.(l-z->)3 

l + (Z?+c-3)z"' +[3-2{b+c)+iab+bc)]z~~ +[-\+b+c-iab+bc)+abc]z~^ 

A = {b+c+d) 
B = {ab+bc+cd+bd) 

C = {abc+ bcd+ abd) 
D = abed 

4.2.3 Selection of Bit Numbers and Scaling Coefficients 

Excluding the aforementioned single-bit quantization for the first stage, the 

quantization bit-numbers for the other stages and the scaling coefficients a, b, c, and d 

need to be determined. All the parameters are chosen by considering its maximum 

integrator output and the overall modulator performance. 

Empirical approaches are often adopted to obtain the parameters, since there are 

no closed form solutions to express the relation between the bit number, the scaling 

coefficients, and the modulator's SNR. The designed system is simulated by different bit 

numbers and coefficients with finite input data; the best result is selected [93]. 

1 2 1 
A set of {a,b,c,d) = ( - , - , - , 1 ) is determined for the best SNR in an audio 

application with an OSR of 32. The quantization bit-number of the final stage is selected 

as 4-bit. Deciding on the bit number for the second stage is also accomplished using the 

empirical method. Simulation plots of quantization bit-number versus maximum 
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integrator outputs are shown in Figures 4.4(a) and (b) for the cases of (l-bit,3-bit,4-bit) 

and (1-bit,4-bit,4-bit), with scaling coefficient set selected. 

Max Wegrator Outputs of the Proposed Modulator with (1b,3b.4b) Max Integrator Outputs of the Proposed Modulator with fib.4b 4b) 
2 5 | , I I »- \ 1 1 1 — t 2 5 

-140 -120 -100 -80 -60 -40 
Input LeveUdB) 

(a) 

40 -120 -100 -30 -60 -40 -20 0 
Input Level I'dB) 

(b) 

Figure 4.4: The maximum integrator outputs for both (a) the (l-b,3-b,4b) 
and (b) the (l-b,4-b,4-b) cases. 

Figures 4.4(a) and 4.4(b) show that the integrator outputs of both cases do not 

reach the instability boundary, 2, when the input is smaller than -lOdB. However, the first 

integrator in the first stage of (l-b,3-b,4-b) case will be overioaded when input is between 

-lOdB and -18dB, which is not acceptable. The overioad criterion, 1.5, is decided by the 

circuit limitation. Bit numbers of (l-bit,4-bit,4-bit) are selected. 

4.2.4 Performance Comparisons 

The overall output for a MASH (2-1-1) modulator is given by selecting the error 

cancellation ftinctions for a scaled STF as 

y = abcd-z^ -x + il-z-^ -e^+z-\l-z-'f •e^2+^-\\-z-'f -e^,. (4.20) 
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Similarly, the input in Equation (4.20) is attenuated. In practice, an output with a 

lowpass STF as shown in Table 4.7 is preferred. 

Table 4.7: Transfer ftinctions of the MASH modulator with a lowpass STF 

Func. 

.V 

(STF) 

e3 
(NTF) 

ed2 

(DAC) 

edi 

(DAC) 

In z-domain 

abed- z~ 

\+{-4+A)z~^ +{6-3A+B)z~- +(^+3y4-25+Oz"^ +i\-A+B-C+D)z'^ 

(l-z-r 

\+(-A+.4)z-'^ +i'^-3A+B)z-~ +i-^+^A-2B+C)z''^ +il-A+B-C+D)z~^ 

d-z'^-Q-z-^f 

\+{b+d-3)z~^ +[3-2ib+d)+{ab+bd)]z~^ +[-\+b+d-iab+bd)+abd\z'^ 

d-z-'-i\-z-')' 

l + (^-^.4)z"' +i6-3A + B)z~^ +i-A+3A-2B + Qz~^ +{\-A + B-C+D)z-^ 

A = {b+c+d) 
B = (ab+bc+cd+bd) 

C = {abc+bcd+abd) 
D = abcd 

The NTFs for DAC errors of the MASH stmcture show a term of third-order 

shaped ed3 which does not exist in the proposed system. In addition, ed2 is only second-

order shaped. The proposed architecture has a third-order shaping function for ed2-

Figure 4.5 shows all the noise transfer ftinctions of the proposed (2-1-1) 

modulator with parameters as aforementioned and a DAC error ed2 of 0.1% of the 

quantization e .̂ Figure 4.6 shows the noise transfer fimctions of the MASH (2-1-1) 

modulator with the same parameters as the proposed architecture. In Figure 4.6, an extra 

DAC error e ĵ is shown. Since the DAC errors are noises in a modulator and will be 

added up along with the quantization error to form the modulator's noise floor, as 
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expected the MASH modulator will have a poorer SNR than the proposed architecture 

[15,22]. 

Noise Transfer Functions of the Proposed (2-1-1) Architecture 
Ofrnir i 1—TTTTTTTI 1—i fTrrrn""i—i'TrniTr"Ti—rTTiriTi 

Figure 4.5: Noise fransfer ftinctions of the proposed (2-1-1) modulator. 

Noise Transfer Functions of the MASH (2-1-1) Modulator 
0 [r"rTTTrr""r'V'!'T Tn^T'"'^"^"r^"''^^n' '"^"^"frr^^jr 

Figure 4.6: Noise fransfer functions of the MASH (2-1-1) modulator. 
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4.3 Simulation Results 

Behavioral simulations have been performed for the proposed (2-1-1) architecture 

and the MASH (2-1-1) modulator for audio specifications. The signal bandwidth is 20-

kH and the OSR is selected as 32. All of the input signals are 1-kHz. The maximum 

integral nonlinearity, INL, for each 4-bit DAC is set to ±0.05LSB. Figures 4.7(a) and 

4.7(b) show the power specfral densities of both modulators [80-81]. An input of-lOdB 

sine wave is used here. The MASH (2-1-1) modulator has a higher noise floor at low 

frequencies, which is caused by larger amounts of DAC errors. The difference in SNR 

loss in both cases is 10 dB. 
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Figure 4.7: Power specfral densities for (a) the proposed and (b) the MASH modulators. 
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Figures 4.8(a) and 4.8(b) show the plots of input levels versus SNR for both 

modulators with various OSR. It can be observed that the MASH (2-1 -1) modulator has a 

drastic 10 to 12dB degradation from the DAC errors while the proposed (2-1-1) 

modulator has a mere 2 to 4dB decrease. When incorporated with a DEM algorithm, the 

MASH (2-1-1) modulator can improve no more than 5dB of its SNR loss as shown in 

Figure 4.8(b). The results reveal that the proposed architecture has a better immunity to 

DAC errors than the MASH stmcture even with a DEM. Extensive simulations show that 

the aforementioned observation holds tme when OSR is greater than 8. 
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Figure 4.8: Input levels versus SNR for (a) the proposed and (b) the MASH modulators. 
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4.4 Summary 

In this chapter, the proposed architecture used to minimize the DAC errors in a 

cascaded multibit SA modulator has been introduced. By properly selecting the error 

cancellation fimctions, tiie proposed architecture shows a better figure in noise shaping 

associated witii DAC errors than the MASH stiiicttire. Analysis of such differences has 

been extended to the «th-order case. 

Determination of quantization bit-number for each stage has been extensively 

analyzed in tiiis chapter. The conclusion shows that a single-bit first stage is a better 

solution, since there is a great loss by DAC error if multibit quantization is used for the 

first stage, which cannot be compensated. 

A fourth-order (2-1-1) system with the proposed architecture has been developed 

for circuit implementation and verification. Selection of bit numbers as well as scaling 

coefficients of tiie proposed (2-1-1) modulator has been discussed in detail. Simulations 

have been performed with audio specifications and an OSR of 32. With a stmcture of (1-

1 2 1 
bit,4-bit,4bit) for each stage and a coefficient set of (a,b,c,d) = (—,—,—,1) for scaling, 

the proposed modulator performs lOdB better in general than does the MASH stmcture. 

The results also show that even when a DEM is incorporated, the MASH stmcture is still 

about 5dB lower in SNR than the proposed architecture. 
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CHAPTER V 

DESIGN OF THE PROPOSED FOURTH-ORDER MODULATOR 

This chapter presents the design of the proposed fourth-order (2-1-1) modulator. It 

begins with the architecture design of the system. For better testability, the system 

developed is a configurable one which incorporates both the proposed and the 

conventional cascaded stmctures with various orders. Section 5.1 describes the 

architecture design in detail. 

In Section 5.2, the design of the sub-modulators is presented. Efforts are focused 

on the design of the input stage, which defines the system's performance. The minimum 

input capacitor and switches are calculated. In addition, two amplifier specifications, slew 

rate and unity-gain bandwidth, are derived. This section also introduces the design of a 

four-phase nonoverlapping clock generator. 

In Section 5.3, design of the balanced differential amplifier is presented. This 

amplifier employs a two-stage, folded-cascade stmcture which provides high gain, large 

output swing, and better power-supply rejection ratio (PSRR) to meet the system's 

requirements. In addition, this amplifier employs a continuous-time common-mode 

feedback (CMFB) circuitry to reduce switching noise. Moreover, current-driving bias 

circuitry is used for the differential amplifier to reduce the noise coupling when voltage 

biasing is used. 

Design of the single-bit and 17-level quantizers are presented in Section 5.4. The 

one-bit quantizer adopts an SC offset compensation scheme to enhance the performance. 
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A regenerative feedback comparator is used for this quantizer. The 17-level quantizer is 

comprised of 16 flash-type one-bit ADCs, with each of them having circuitry similar to 

the single-bit ADC. 

A switched-capacitor summing circuit used to implement mixing of the extra 

feedback path in the proposed architecture is shown in Section 5.5. This circuitry 

prevents the need for extra active-SC circuitry or faster clocks than realized by a 

traditional approach. 

Design of the reference circuitry is introduced in Section 5.6 and the simulation 

results of the sub-modulators are presented in Section 5.7. The layout of this design will 

be infroduced in Section 5.8. 

5.1 Designof the System Architecture 

Based on the proposed architecture developed in Chapter IV, a configurable 

fourth-order (2-1-1) SA modulator is implemented. Figure 5.1 shows such a modulator. It 

is comprised of three sub-modulators, a single-bit second-order modulator, MOD-1, two 

17-level first-order modulators, MOD-2 and MOD-3, and architecture control switches, 

F21, F32, M12, and M23 to incorporate both the proposed and the conventional cascaded 

architectures with various orders. The error cancellation logic shown in Section 4.2.2 is 

not included in the circuit design to save chip area and tooling time. Appendix B provides 

a detailed evaluation of this topic. According to such an evaluation, a solution of a data 

acquisition system combined with off-chip software filtering has been selected as the 

measurement system for the modulators. 
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Figure 5.1: The configurable fourth-order (2-1-1) SA modulator. 

Design for testability has been considered in implementing the proposed 

architecture [32]. By controlling the architecture switches, each sub-modulator, MOD-1, 

MOD-2, or MOD-3, can be characterized separately as well as be combined together to 

form high-order architectures for measurement. These higher-order architectures include 

the third-order (MOD-1 plus MOD-2) and the fourth-order MASH (all MODs) as well as 

third-order and fourth-order proposed modulators. 

The use of a 17-level, instead of 4-bit, quantization for MOD-2 and MOD-3 is to 

prevent the transition error for a near-zero input in a midrise quantization [32, 94]. The 

17-level quantization enhances the quantizer's performance but it needs 5 bits, instead of 
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4 bits, for quantizer output. However, the DAC with 17-level quantization is still four-bit, 

causing an insignificant increase in cost. 

In this design, each four-bit DAC has been incorporated with an on-chip integral 

nonlinearity (INL) error of ±0.15 LSB to observe the influence of the different 

architectiires. Although this amount of error is small, it is large enough to make a 

difference in SNR loss between the proposed and the MASH modulators. 

Audio specifications are used for tiiis design. The modulator's OSR is chosen to 

be 32 but it can be set as high as 128. The default sampling frequency of this modulator is 

chosen to be 1.25 MHz and the signal bandwidth is selected as 19.53 kHz to acquire 

roimd numbers of output data for each clock cycle in measurement. With an OSR of 128, 

the highest sampling frequency of this system is 5 MHz. The system's power supply is 

3.3V for both analog and digital circuits. It can be operated from 2.7V to 3.6V without a 

significant performance degradation. 

The process used for this design is AMI C5N 0.5^m n-well double-poly triple-

metal (DPTM) mixed-signal technique through the MOSIS service. 

5.2 Design of the Modulator 

Excluding the intioduction of selecting circuit architecture for each of the sub-

modulators, the design of the sub-modulators is generally concentrated on the input stage, 

since it easily influences the overall performance. In the proposed system, the input stage, 

MOD-1, is a second-order modulator. Two amplifier specifications, slew rate (SR) and 
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unity-gain bandwidth (UGBW), are associated with MOD-1 and will be calculated. In 

addition, the minimum input capacitor and switches for MOD-1 will also be obtained. 

5.2.1 Circuit Architecture for the Modulators 

Fully-differential switched-capacitor (SC) circuitry is used for the design of each 

sub-modulator. The use of SC circuits greatly simplifies the design of the integrator in a 

modulator whose performance is sensitive to signal transients and clock jitters. Unlike its 

continuous-time (CT) counterpart, the SC integrator can be easily designed with a 

specified fransient response and accuracy. In addition, the integrator's gain coefficient, 

which is implemented by a capacitor ratio, is more accurate [95]. 

The use of fully-differential architecture improves the system's SNR by 3dB, 

when compared to the single-ended version. The use of fully-differential architecture also 

reduces the noise coupled through the power supply, the even-order harmonic distortions 

generated by the amplifiers, and the clock feedthrough by SC circuitry. Moreover, the 

common-mode feedback of an amplifier can only be realized by fully-differential 

architecture. 

Figure 5.2 shows a stray-insensitive, fully-differential SC circuitry for the input 

stage MOD-1. This circuit contains two integrators, a latched quantizer, feedback, and 

control circuits. This modulator adopts dual reference voltages, V^p and F^„, as sources 

for the feedback signals. Such feedback signals are cleaner than those in a single-

reference system where only the noisier Analog VDD (AVDD) is used as the reference 

voltage. In addition, since V^ and V^„ are smaller in quantity than AVDD, the feedback 
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capacitor (Cflp) in a single-reference system needs to be smaller in size than that of a 

dual-reference system. The thermal noise generated by a smaller capacitor is higher, 

leading to a higher noise floor of the modulator [ 15, 32, 95]. Therefore, the dual-

reference stiiicture is preferred. 

>̂  ck4 

T3Lr 

Vrp 

cfipi 

ckA N kckB 

b 0 
VPl VN] VPl 

ck3 Clip c k l P Ci:^ 

cf2p:i: 

ck4 

hiT 
Feedback controi logic 

f" 

VNl 1^1 

ckAL XckB 

LJ 

ckA js kckB 

0 0 
VP2 VN2 IT2 

* 3 C21p cklO C22p 

CkA 

ckB 

Cfln 

ck3 

-L3* 
I 

ck4 

Vm 

C21n 
VN2 VP2 yN2 

diX\, TckB 

ck4 

1 
Vm 

Figure 5.2: The single-bit second-order modulator by dual reference voltages. 

The analog voltages used in the modulator are shown in Figure 5.3. The analog 

power supply, AVDD, is 3.3V. The analog midpoint voltage, or the so-called analog 

ground, V^Q , is 1.65V. The modulator's reference voltage, F^̂ y, is 0.75V. Therefore, for 
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a dual-reference stmcture, the positive reference voltage V^^ is 2.4V and the negative 

reference voltage V^„ is 0.9V. According to Figure 4.4(b), the absolute maximum 

integrator output in MOD-1 is l.AV.^f, which is equal to 2.7V for the maximum output 

and 0.6V for the minimum output of the integrator. Overioad will occur when the 

integrator's output reaches outside this range. 

AVDD 3.30V 

Overload region 
Maximum Integrator output 

Positive Reference Voltage, Vrp 

Vre/=0J5y 

Analog Ground, V^^ 

Fre/=0.75V 

Negative Reference Voltage, Vm 
Minimum Integrator output ^ 

Overload region ^ 

2.70V 
2.40V 

1.65V 

0.90V 
0.60V 

OV 
AGND 

Figure 5.3: All analog voltages used in this modulation. 

5.2.2 The Four-Phase Clock Generator 

The modulator shown in Figure 5.2 is driven by the nonoverlapping four-phase 

clock signals as shown in Figure 5.4. The four-phase clock signals are extended from the 

two-phase version with ckl and ck2 only. The clock signal, ck3, is a delayed version of 

ckl and the signal, ck4, is a delayed version of ck2. The use of four-phase clocking 
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reduces the clock feedthrough in the SC circuits more than the two-phase clocking does 

[96-97]. 
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1! 
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Figure 5.4: Four-phase clock signals used in the modulator. 

Timing definitions among the clock signals can also be found in Figure 5.4. The 

nonoverlapping duration between ckl and ck2 is defined as ti2 while the delay duration 

between ckl and ck3 is defined as tdu, and the delay duration for ck2 and ck4 is defined 

astd24-

The four-phase clock signals operate according to the following principles: 

1. During the sampling period, the negative plate of the sampling capacitor (Cl Ip) 

should be connected to analog ground first by ckl, and then its positive plate is connected 

to the input through ck3, as shown in Figure 5.2. 

2. During the integration period, the negative plate of Cl Ip should be connected 

to the input terminal of the integrator first by ck2 and then its positive plate is connected 

to the analog ground via ck4. 

3. To make sure that the clock signals are nonoverlapped, ck4 should fall before 

ckl rises and ck3 should fall before ck2 rises. 
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A four-phase clock generator is shown in Figure 5.5. The nonoverlapping 

duration needed between ckl and ck2 is realized by a chain of gates with longer 

propagation delays [98]. The delay can be implemented by using long-length, narrow-

width CMOS tiansistors. The clocks ck3 and ck4 are realized by adding extra delays on 

ckl and ck2. However, such delays should be shorter in duration than the nonoverlapping 

period. 

MCLK O 

Ck3 

ckl 

ck2 

ck4 

Figure 5.5: The four-phase clock generator. 

Figure 5.6(a) and 5.6(b) show the simulated waveforms of the nonoverlapping 

clocks with input signal, MCLK, at rising and falling edges, respectively. The power 

supply is 3.3V. The nonoverlap duration between ckl and ck2 is about 1 Ins. The time 

period between ckl and ck3 as well as ck2 and ck4 are about 5ns. Both simulated 

features meet the design targets. It can also be observed from Figure 6.10 that the 

propagation delay between the input signal MCLK and the clock output ckl is 13ns. 

When the power supply decreases to 2.7V, all the nonoverlap and delay durations 

increase less than 2 ns, which is in the tolerable range of design targets. 
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Figure 5.6: Simulated results of the clock signals: (a) MCLK rising edge 
and (b) MCLK falling edge. 

5.2.3 Slew Rate and Unity-Gain Bandwidth 

The performance of the modulator is greatiy influenced by the accuracy of its 

integrators, especially the one at the front input. The integrator's accuracy, defined by its 

fransient behavior, is govemed by the slew rate and unity-gain bandwidth of the 

amplifier. These two specifications are critical to the design of the modulator. 

Figure 5.7 shows a practical transient behavior for the input integrator. The 

integrator's output is arranged to settle to its final value at half (50%) of the on-period of 

the clock, — . This leaves a sufficient margin of time for the remaining components in 
2 
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the modulator to operate properly. The difference between the integrator's output at the 

T 
half of — and its ideal value is defined as the integration error, 8, which limits the 

maximum accuracy that the modulator can achieve [98-99]. 

2 I V 100% 

CLK 
50% 

Integrator 
output 

l\ error 
8 

Slewing^ ^ SettUng 

Figure 5.7: The fransient behavior for the modulator. 

The amplifier's slew rate is expressed, assuming the slew rate is linear, as 

^V AV 
SR^ 

'^SR • ^ ^SR' 
1 

(5.1) 

2-fs 

In this equation, AF is the maximum integrator output, and k^/^ is the integrator's 

slewing factor in percent of — . The value of A F can be found by behavioral 

simulations. 
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By using a first-order function to model the integrator's transient behavior [99, 

101], an equation associated with the amplifier's unity-gain bandwidth and its sampling 

frequency can be obtained as 

Tc 1 14 1 
^ s r x ( v ) = ^5rx(T—r)=T—:^- l i^( - ) ' (5-2) 

T 
where k^j is tiie settling factor of the integrator in percent of ̂ , /„ is the amplifier's 

unity-gain bandwidtii in hertz, and £ is the integration error. 

The SR and UGBW of the amplifiers in the input stage, MOD-1, are calculated 

witii A Fi = 1.3 • r̂ gy- and A ̂ 2 = 1.4 • F^^y, respectively, as shown in Figure 4.4(b). 

T 
Assuming k^j^ is 15% of —, the slew rates for both amplifiers are calculated as 

S R . = - ^ = '•'"''•]' =16.64(^), (5.3) 
ksR-^- 0.15X 1 ^' 

2-f, 2x1.25x10^ 

and 

S R 2 = ^ ^ = ^-^-^f =17.92 (^), (5.4) 
ksj,—^ 0.15X ^ ^' 

2-fs 2x1.25x10^ 

respectively. The SR for both amplifiers is set to 40 (V/^s) to maintain the modulator's 

performance for higher OSRs. 

To 5 

Assuming that the settling factor k^r is 35% of -^ and s equals 10 , the 

amplifier's UGBW can be calculated, by using Equation (5.2), as 
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A, = H ^ . , „ ( i ) = i^^M^.,„,_L,).,8.76(MHz,. ,5.5, 
27z-ksT £ 2;rx0.35 10~^ 

Therefore, the design target of UGBW is set to 40 MHz. 

The design targets of the SR and UGBW for the amplifiers in MOD-2 and MOD-

3 are chosen to be the same as those for MOD-1 for a modularized design, even though 

such specifications are over-designed. 

5.2.4 Determination of the Minimum Sizes for Input Capacitors 

In an SC system, the smallest capacitor usually generates the largest thermal 

kT 
noise. The size of the smallest capacitor needs to be determined according to the — 

equation [102]. For a SA modulator, determining the size of its input capacitor, which is 

not necessarily the smallest, is even more important since the thermal noise injected at 

the input cannot be shaped. For example, the input capacitors Cl ip and Clin shown in 

Figure 5.2 are not the smallest but they govem the noise floor of the modulator. Their 

sizes need to be carefully selected to prevent significant SNR loss due to the thermal 

noise limitation. 

The relationship between the modulator's SNR and its input capacitor is given by 

2 4kT 

where V^^j-pp is the peak-to-peak value of the reference voltage F^̂ y, C,„ is the input 

capacitance, A: is the Boltzmann's constant (^1.381x10"^^ Joules/K) and Tis the 

temperatiire in Kelvin [103]. By calculation, an SNR of 100 dB with OSR of 32 at room 
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temperature (r=300K) results in a Q„ of 1.98pF. Therefore, the minimum size for the 

input capacitor is selected as 2pF for this design. 

From the parametric information of AMIS 0.5[im DPTM C5N process that the 

capacitance between poly-1 and poly-2 is 897 (aF/|im^). Therefore, a squared IpF 

capacitor is realized with a size length of 33.4^m at the top plate. Fringe capacitance 

between poly-1 and poly-2 is ignored in this calculation since it is relatively small. 

5.2.5 Determination of the Minimum Input Switch 

The switches in the SC modulator are implemented by CMOS transistors which 

have a non-zero tum-on resistance that causes a sampling error. Figure 5.8 illustrates 

single-ended SC integrator circuitry. In this scheme, the input CMOS switch is modeled 

as an ideal switch with a resistance /?,„. Solving the integrator's transfer fiinction and 

comparing it with the ideal value, its sampling error can be found as 

-Ts -Ts 

ss =l-(l-e^' '^ '« '^" ' )2 =2xe2x^/«c,« ^ (5.7) 

where Ts is the sampling period. Thus, given a specified £5, the maximum RC time 

constant is derived as 

R. .Q. < i . (5.8) 

2 / ,x ln (—) 

With £5 of 10"^ fs of 1.28 MHz, and Q„ of 2pF, /?,„ is calculated to be no greater than 

16 kn . 
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Figure 5.8: The CMOS switch model for a single-ended SC integrator. 

The on-resistance of a CMOS switch can be expressed as 

1 1 

,W. gdsp+gdsn ^pC,,.('^)p.i 
gsp ^thL 

W 
) + MnCox-i—)n-iygsn-ythn) 

, (5.9) 

which is determined by the geometry ratios of the PMOS and NMOS transistors [98, 

104]. The value of /?,„ is usually adjusted by tuning their geometry ratios. 

W 3.6yt/WI 
The input switch is calculated with the transistors (—) „ = — and 

L 0.6um 

(—)^ = ^^ by the AMIS C5N process, assuming both are of the same size. In 
L 0.6um 

practice, the switch is selected to be larger. Simulations of the on-resistance for the target 

switch with (—) „ = - ^ ^ ^ and (—)„ = - ^ ^ ^ are shown in Figure 5.9. The largest /?,„ 
L ^ 0.6um L 0.6um 

for all the input range is less than 6 kQ, which is far below the required 16 kQ to 

guarantee the modulator's performance for a higher OSR. 
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Figure 5.9: On-resistance of the switch by CMOS transistor. The right 
figure is a zoom-in view of the left one. 

The on-resistance curve shown in Figure 5.9 can be flattened by selecting 

different geometry ratios for PMOS and NMOS transistors; however, selection may not 

be able to minimize the clock feedthrough through the two aspect-ratio-related gate 

capacitances, Cg^ and Cg^. A flat on-resistance reduces the signal-dependent harmonic 

distortions, but a larger clock feedthrough increases the circuit's noise [105]. This design 

uses the same-size selection since the layout is more compact and simpler. 

5.3 Design of the Differential Amplifier 

The amplifier is a core component in a SA modulator. In the previous section, two 

specifications associated with the differential amplifier, SR and UGBW, have been 

defined. In this section, the design of the amplifier for the proposed system is presented 

in detail. 
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5.3.1 The Balanced Stmcture 

As described in Section 5.2.1, a fully-differential stmcture is chosen for the 

implementation of the fourth-order modulator to get better performance. Thus, the 

amplifiers in the modulator should be fully differential. In addition, the designed 

amplifier should have the ability to continuously correct its output level with the analog 

ground, preventing the dc shifting problem which may saturate the output signal on one 

side. Such a mechanism is called common-mode feedback (CMFB). The amplifier with 

CMFB is called a balanced fully-differential stmcture in [106]. 

The amplifier used in this design is shown in Figure 5.10. It employs a 

continuous-time RC, not an SC, circuitry and a simple amplifier, Al, for the CMFB. The 

outputs of the amplifier are sensed and averaged by the RC circuitry whose output is 

compared with the analog ground by amplifier Al. The output of amplifier Al govems 

the bias current of the differential amplifier in a negative feedback manner [107]. The use 

of RC instead of SC for the CMFB circuitiy reduces the possible noise coupled through 

switching. In addition, it simplifies the layout of the amplifier. Since the AMI C5N 

process provides a high-quality high-resistance poly-2 resistor, the RC circuitry will not 

occupy a large area with a specified cutoff frequency for this design. 
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Figure 5.10: The balanced amplifier used in this design. 

5.3.2 Two-Stage Folded-Cascode Amplifier 

Selection of the architecture for the amplifier greatly influences the overall 

modulator performance. A fraditional two-stage amplifier provides a sufficient dc gain 

but has a poor power supply rejection ratio (PSRR), caused by noise coupling from the 

power supply. On the other hand, a folded-cascode amplifier can improve the PSRR 

problem but its dc gain, linear output swing, and output driving capacity may be limited. 

Thus, by combining these two architectures together, a two-stage, folded-cascode 

amplifier is formed taking advantage of both architectures [22, 108-110]. 

Figure 5.11 shows a two-stage, folded-cascode amplifier. PMOS transistors are 

used as the input devices to have a lower flicker noise. Using the small-signal analysis, 

the dc gain of this amplifier is derived as 

^dc - ^dcl • ^dcl 

= -lgm\-( 
Sml '> // SmS 1 Sm\ (5.10) 

gdsl 8dsT^gds9 SdsS'Sds?, SdsW^SdsU 
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^h^re g^. and g^ ,̂ arethetransconductanceand the output conductance of the 

fransistor Mi. In realization, the dc gain ^^ .̂, is chosen to be larger than 400 while the dc 

gain A^.i^.2 is designed to be at least 30. The overall dc gain of the two-stage, folded-

cascode amplifier is more than 80dB. 

<'AVDD 

M i l 

c^K on 

M14 

AGND 

Figure 5.11: The circuit diagram of the two-stage folded-cascode amplifier. 

Other key parameters associated with the two-stage folded-cascode amplifier are 

summarized in Table 5.1, with the assumption that the PMOS and NMOS transistors 

have the same threshold voltages and the same saturation voltages of F^,^. 
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Table 5.1: Key parameters for the two-stage folded-cascode amplifier 

Parameter 

Slew Rate 

Unity Gain Bandwidth 

Maximum Output Swing 

Non-dominant Pole 

Thermal Noise 

Minimum Power Supply 

Equation 

hi Cop 

Sm\ ' ^op 

2AVDD-4- ^DS.sat 

* ^' Sm\4 ' ^op 

Sm\ Sm\ Sm\ 

\Vth\ + 2- ^DS,sal 

5.3.3 CMFB and Biasing circuits 

The CMFB circuifry used in the two-stage folded-cascode amplifier is shown in 

Figure 5.12. The amplifier for comparison is driven by a biasing voltage, VM, which is 

the same as the one used for the differential amplifier as shown in Figure 5.11. The 

output of the comparison amplifier serves as the bias voltage Vbi in the differential 

amplifier to control the input current [107]. 
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'b4 
M19 F., 

'^AG\D 1̂  
MIS M16 ¥^ 'o.mid 
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R2 
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Figure 5.12: The common-mode feedback circuitry for the amplifier. 
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Figure 5.13 shows the bias circuitry for the two-stage, folded-cascode amplifier. 

This circuitry is driven by a current Is provided from the reference circuitry of the 

system. This arrangement can effectively lower the noise generated through the power 

supply in a voltage-biasing stiiicture [111]. 
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M33 

^ A G N D 

Figure 5.13: The bias circuit for the two-stage, folded-cascode amplifier. 

5.3.4 Simulations of the Differential Amplifier 

The two-stage, folded-cascode amplifier is designed with the sizes of the 

transistors, the resistors, and the capacitors shown in Table 5.2. Figure 5.14 shows the 

gain and phase responses of the differential amplifier with an output load of 6pF. Key 

parameters of the design targets and the simulation results are shown in Table 5.4. The 

total harmonic distortion (THD) of this amphfier is simulated to be 2.93x10"^%, using a 

closed-loop inverting connection with an input of O.lVp and four resistors of 10 kQ each. 
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This amplifier has been over-designed to have a larger output current which can drive a 

larger load. 

Table 5.2: Transistor sizes of the dynamic latch 

MO 

M5,M6 

M11,M12 

M17,M18 

M23,M26 

M30,M31 

R1.R2 

(42.0/1.2) 

(9.0/1.2) 

(72.0/0.9) 

(10.8/1.8) 

(3.0/3.0) 

(12.0/1.2) 

48.65kn 

M1,M2 

M7,M8 

M13,M14 

M19 

M24,M25 

M29 

C1,C2 

(96.0/1.8) 

(4.5/1.2) 

(27.0/0.9) 

(20.9/1.2) 

(12.0/1.2) 

(4.2/3.0) 

0.5pF 

M3,M4 

M9,M10 

M15,M16 

M21,M22 

M27,M28 

M32/M33 

(8.4/1.2) 

(18.0/1.2) 

(30.0/1.8) 

(4.5/1.5) 

(12.0/1.2) 

(6.0/1.2) 

Size unit: |j.m 
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Figure 5.14: Gain and phase responses of the differential amplifier. 
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Table 5.3: Targets and simulation results of the differential amplifier 

Design Parameter 

Open-Loop Gain 

Unity-gain Bandwidth 

Slew Rate 

Output Load 

Output Current 

Phase Margin 

Output Swing 

CMRR 

PSRR 

Target 

>70dB 

40MHz 

40|aV/s 

5pF 

200nA 

60° ~ 70° 

1.5Vpp 

-70dB 

-70dB 

Simulated 

78.0dB 

40.0MHz 

48.0^V/s 

6pF 

235uA 

74° 

2.5Vpp 

-76dB 

-72dB 

5.4 Quantizer Design 

Quantizers in this system include a signal-bit ADC for MOD-1 and 17-level 

ADCs for MOD-2 and MOD-3. Thus, the design of the quantizers will be referred to as 

design of the ADCs, hereafter. The speed of comparison and accuracy are important 

factors in the design of an ADC. Fortunately, for a SA system, the problem due to ADC 

nonlmearities is less an issue since they will be shaped by the modulator. 

5.4.1 Design of the Single-Bit ADC 

Figure 5.15 shows the single-bit ADC with a fully-differential SC architectiire. It 

contains SC circuits, a regenerative-feedback comparator, a dynamic latch, and a static 

latch [21, 98]. 
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ck4 

ckA 

Figure 5.15: The single-bit ADC for MOD-1. 

The SC circuitry in this ADC is an offset compensation scheme for the input 

signals, which increases the input dynamic range. In addition, a regenerative feedback 

comparator which possesses hysteresis is used to eliminate the chattering effect for 

rapidly varying signals. Such a comparator is followed by a dynamic latch which 

generates the logic levels for the outputs and synchronizes the outputs with the system 

clocks. The purpose of a static latch followed by the dynamic latch is to hold the outputs 

of the dynamic latch for the whole period of each clock cycle. Coordinated with the 

operations of the integrator, this ADC is reset to analog ground during ckl and performs 

a comparison at ck4 while its output is latched at the rising edge of the inverted ck2. 

The circuit of the regenerative feedback comparator is shown in Figure 5.16. It is 

a source-coupled differential pair with positive feedback to form hysteresis. The positive 

feedback factor is defined as 

«yz.= 

w w 

w w 
( Y ) 4 1 ( Y ) 4 2 

(5.12) 
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if M43 and M44 as well as M41 and M42 are matched. 
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Figure 5.16: The regenerative feedback comparator. 

The use of the positive feedback also increases the comparator's gain since it is 

defined as 

W 
L"«(y)45 1 

(5.13) 

A practical a^ of 0.9 will increase the gain by a factor of 10. 

The circuit of the dynamic latch is shown in Figure 5.17. It is used to magnify the 

small difference in signals from the comparator to the logic levels of this system, which 

are OV and 3.3V. When the inverted ck2 goes low, M59 is off, M51 and M52 are on, and 

the circuit is precharged to the input signals. When the inverted ck2 rises, M51 and M52 

are off, M59 is on, and the circuit initiates regeneration and latches the output to a state 

according to the difference of the inputs. 
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Figure 5.17: The circuit diagram of the dynamic latch. 

5.4.2 Simulation Results of the Single-Bit Quantizer 

The fransistor sizes for the regenerative feedback comparator and the dynamic 

latch are selected as shown in Table 5.4. With this selection, the comparator has a 

positive feedback factor of 0.95 which provides a theoretical gain of 20. By simulation, 

its open-loop dc gain is 29.5dB. The dc bias current of this comparator is about 30|.tA. 

Table 5.4: Transistor sizes of the comparator and dynamic latch 

M41 

M45 

M52 

M56 

(6.0/3.6) 

(12/2.4) 

(6.0/1.2) 

(2.1/1.5) 

M42 

M46 

M53 

M57 

(6.0/3.6) 

(12/2.4) 

(6.0/1.2) 

(12/2.4) 

M43 

M47 

M54 

M58 

(5.7/3.6) 

(5.7/0.9) 

(6.0/1.2) 

(12/2.4) 

M44 

M51 

M55 

M59 

(5.7/3.6) 

(6.0/1.2) 

(2.1/1.5) 

(3.6/1.5) 

The simulation results of the single-bit quantizer are shown in Figures 5.18(a), (b) 

and (c). The quantizer's input is 0.003 Vp, which is only 0.4% of its LSB. Figure 5.18(a) 
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shows the differential output of the comparator with the range of 1.7V±0.6V. The bold 

curve is the positive output. Figure 5.18(b) is the differential output of the dynamic latch. 

The comparator outputs are shifted to the logic levels, OV and 3.3V, by the dynamic 

latch. Figure 5.18(c) shows the differential output of the static latch. The static latch 

holds its outputs for the entire clock cycle and changes only when the quantizer's input 

polarity is changed. Thus, the static latch's outputs can be acquired directly by other 

digital circuits. 
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Figure 5.18: Simulation results of the one-bit quantizer: (a) comparator 
output, (b) dynamic-latch output, and (c) static-latch output. 
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5.4.3 Design of the Seventeen-Level ADC 

For MOD-2 and MOD-3, the quantizer is implemented by a flash-type ADC 

which incorporates 17-level quantization as shown in Figure 5.19 [13, 22, 84, 108]. It 

contains 16 comparing sub-blocks realized by the circuit schematic shown in Figure 5.20. 

F F 
' m ' ip 

Total 17 
resistors 

To Encoder 

Figure 5.19: The flash-type 17-level ADC for MOD-2 and MOD-3. 

ck4 

ck4 

Figure 5.20: The circuit schematic for the comparator block in Figure 5.19. 
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The dual-reference voltages, V^p and F^„, are used to generate the corresponding 

reference voltages for each of the 16 comparing sub-blocks. In fact, the schematic shown 

in Figure 5.20 is modified from the one for the single-bit ADC, shown in Figure 5.15, to 

accommodate the differences in the reference voltages, V/^p and F^yy, for each 

comparator. Other components in Figure 5.18 are identical as those in given Figure 5.15, 

except for the SC part. To implement a midfread quantization [32], this ADC has a 

resistor string comprised of 17 resistors with the first and last ones having a resistance 

half the value of the others. 

Although the outputs of the ADC, denoted as AQ to .4,5, are 16 in quantity they 

represent 17 levels which include zero. The output levels are thermometer-type and are 

encoded by a 5-bit thermometer-to-PCM encoder. 

5.5 Summing Circuitry 

As shown in Figure 5.1, each sub-modulator of the proposed architecture has an 

exti-a feedback path to its preceding stage in which the signal from the extra feedback is 

mixed at the integrator output. This arrangement will be implemented by summing 

circuitry. 

The summing can be implemented by an SC circuitry located at the input of the 

quantizer to perform the summation. However, using the quantizer input terminals as the 

virtiial ground for summation may not be proper. Furthermore, the size of the input 

capacitor in the quantizer needs to follow the size of the capacitor in this summing 

circuit, which may be large. Another method to realize the summation is to use an active 
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SC circuit which includes an amplifier. Although this method prevents the grounding 

problem, it needs extra clocks to operate such an active SC circuit. The clocks required 

are much faster than the four-phase ones used in the modulator, making the system 

design difficuk [112-113]. 

The proposed method is to modify the integrator's architecture to accommodate 

the summing of the signal from the exfra feedback path at the input terminal of the 

integrator. Figure 5.21 illusfrates such a scheme for a first-order modulator, MD-1. 

Excluding the SC circuits for the feedback of MD-1, there is an SC circuit in each side of 

MD-1 to perform summation the signal from the next stage, MD-2. The summing and the 

feedback SC circuits work in different clock phases. 
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Figure 5.21: The summing circuitry used for the extra feedback paths in this design. 
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The output of the integrator is derived as 

yon(=) = 
^.-£2, -1 -1 

•op 
C 1- -1 -'P v , . ( - ) -

C,2 

C22 1 - z 

C / 3 
-y\iz)--^-v2(z). (5.14) 

where vj is the output of MD-2. This arrangement simplifies the circuit implementation. 

In the designed system, there are feedback paths from 17-level MOD-3 to MOD-2 and 

from 17-level MOD-2 to MOD-1. Therefore, in implementing a fiilly-differential 

stmcture, these two extra paths need to employ total of 4 four-bit DACs. 

5.6 The Reference Circuitry 

5.6.1 Block Diagrams of the Reference Circuifry 

The reference circuitry for this system is shown in Figure 5.22. It provides a pin 

option to select the analog ground voltage generated intemally or extemally. A voltage 

divider is used to generate F^„, F^„, and V^Q . 
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Figure 5.22: The reference circuitry. 
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The designed modulator employs two separate sets of reference voltages, for dc 

and switching operations, to reduce possible noise coupling. These two sets are generated 

by sending the generated reference voltages to different buffers MODSW and 

MODDC as shown in Figure 5.22, for SC and dc operations, respectively. For better 

performance, the amplifiers used in MODSW have larger driving capacity than those in 

MODDC. 

5.6.2 The Current-Biasing Circuitry 

The reference circuitry also provides bias currents for the four amplifiers in the 

three sub-modulators as well as the quantizers. The bias currents are generated by current 

mirror as shown in Figure 5.23. To mirror the same amount of current in each branch, 

identical NMOS transistors are used in this circuit. 

AVDD 

Figure 5.23: The circuit to generate bias currents. 
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5.6.3 Design of tiie Single-Ended Amplifier 

All the amplifiers for the voltage division and buffering are single-ended. This 

single-ended amplifier is also implemented by a two-stage, folded-cascode stmcture as 

shown in Figure 5.24. 
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Figure 5.24: Schematic of the single-ended amplifier. 

Since the reference circuits employ six single-ended amplifiers to provide the 

reference voltages to the entire system, the amplifier's driving capacity is a key 

parameter. The target and simulated parameters are listed in Table 5.5. The output dc 

current of the single-ended amplifier is greater than 250)j,A, which is sufficient to drive 

the modulator. 
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Table 5.5: Target specifications and simulated results of the single-ended amplifier 

Design Parameter 

Open-Loop Gain 

Unity-gain Bandwidth 

Slew Rate 

Output Load 

Output Current 

Phase Margin 

CMRR 

PSRR 

Target 

>70dB 

20MHz 

20|aV/s 

3pF 

250^A 

60° 

-70dB 

-70dB 

Simulated 

79dB 

39.0 MHz 

36^V/s 

3pF 

255|iA 

61° 

-72dB 

-70dB 

5.7 Simulations of the Sub-Modulators 

The first-stage, second-order modulator, MOD-1, as shown in Figure 5.2, is 

simulated with the capacitors and switches listed in Table 5.6. The IpF-capacitance is 

implemented by 16 unit capacitors with each of them having a side length of 8.3|am. The 

smaller 0.8pF-capacitance is formed by connecting 13 of 32 unit capacitors. The MOD-1 

is simulated with an input of-1 OdB sine wave, OSR of 32, and sampling frequency of 

1.25MHz. Figure 5.25 shows the spectral density of the simulated output of the MOD-1 

with 15,000 points. Its SNR is very close to the system-level simulation results. 

Table 5.6: Capacitor and switch sizes for MOD-1 

Clip , Cl in 

C21p,C21n 

Cflp, Cfln 

SW PMOS 

l.OpF 

0.8pF 

l.OpF 

(9^ni/0.6jxm) 

C12p,C12n 

C22p, C22n 

Cf2p, Cf2n 

SW NMOS 

2.0pF 

2.0pF 

0.8pF 

(9nm/0.6^m) 
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CKT Simulation of the MOD-1 rin=-10dB & OSR=32 

QD 
T3 

Figure 5.25: Power spectral density of MOD-1 by circuit simulation. 

Circuit simulation of the first-order modulator, MOD-2, is shown in Figure 5.26. 

The result is very close to the that of behavioral simulation. 

CKT Simulation of the MOD-2: rin=-10clB & OSR=32 

CD 

Figure 5.26: Spectral density of MOD-2 by circuit simulation. 
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5.8 Circuit Layout 

Analog circuit layout techniques [116-120] have been employed for this design to 

minimize the performance differences between schematics and the physical design. 

Concepts such as device matching and noise decoupling have been considered. This 

section introduces some of the major mles. 

5.8.1 Rules for Matching 

A fundamental idea of device matching in layout is to make everything as 

identical as possible. Accordingly, some mles have been considered in this design and are 

listed as follows: 

1. The devices to be matched should be of the same type, shape, and size. 

2. For analog devices to be matched, they should not be of minimum size. For 

example, in this design all the transistors for analog blocks such as amplifiers have their 

gate lengths at least twice or three times of the minimum gate length. 

3. The devices to be matched should be laid out symmetrically. For example, to 

draw two matched capacitors, the common-centroid stmcture is used. 

4. The effect of the environment should be carefully considered. For example, 

dummy devices are placed around the devices to be matched to allow them to look more 

identical. In addition, interleave arrangements are usually used to reduce process 

gradients such as poly skew and temperature variation. 

5. The effects of the contacts and connections to the devices should be considered. 

In this design, devices to be matched have the same number of contacts. The layers for 

connection for matched devices are drawn with the same shapes. 
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5.8.2 Rules to Reduce Noise Coupling 

Since all devices of an IC are fabricated on the same substrate and laid out in a 

very compact way, noise coupling among devices can occur through many paths. Layout 

skills tiiat can reduce noise coupling have been employed in this design. Some important 

considerations [13, 119-120] are listed as follows: 

1. Use separate power supplies for analog and digital circuits. Generally, the 

power line for digital circuits is more noisy than that of analog circuits. The use of a 

common power supply will greatly increase the noise coupled from digital to analog 

sections and should be avoided. In this design, separate power supplies, one for analog 

and three for digital, have been used. 

2. Reduce the possible signal interference between two cross layers by using 

orthogonal stmcture. The overlapped area of the two perpendicular layers has the 

minimum size compared to other arrangements. 

3. Make the power lines wide to reduce resistance along the paths. In this design, 

the analog power lines have a width of 90(xm, compared to 30|j,m to 50^m for digital 

power lines. 

4. Shield all the noise sensitive devices. Guard rings are widely used for devices 

such as the capacitor arrays of the SC circuits, the resistors, and the analog blocks as 

amplifiers. For better protection, multiple layers of p+ and n+ guard rings are used. 

5. Draw fully-differential circuits as symmetrically as possible. The connections 

for both top and bottom plates of each capacitor have been carefully considered in this 

design to reduce the interference coupled from the subsfrate. 

110 



6. Assign bonding pads wisely to prevent interference between analog and digital 

signals. This design has well arranged pads for analog and digital outputs to minimize 

this effect. Analog pads are grouped together; the crossing lines among them have been 

reduced to minimum. 

5.8.3 Floor Plan 

The floor plan of this design is shown in Figure 5.27. The basic principle of this 

floor plan is to separate the digital and analog signals as far as possible. Therefore, the 

intersectional analog lines are collected together in the center of this chip and form the 

analog buses as shown in Figure 5.27. In this region, there is not any crossover digital 

signal above them. All the analog blocks are protected by at least one p+ guard ring and 

one n+ guard ring to reduce digital noise coupling. 
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Figure 5.27: The floor plan of this design. 
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5.8.4 Entire Layout 

The entire layout of this design is shown in Figure 5.28. L-Edit [118] is used as 

the layout tool. Bonding pads for this chip are implemented with the pad library, "Hi-

ESD PAD Library AMI C5n (0.5um) Process (November 1998)," provided by MOSIS. 
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Figure 5.28: The entire chip layout of this design 

Layout-versus-schematics (LVS) checking and post-layout simulations are 

performed for each of the analog blocks to make sure that both the schematic and its 
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corresponding layout are equal. The total device number of this layout is 5,451 for the 

circuit core. The total nodes for the circuit core are 2,103. The chip area is 5.6 mm'. 

5.8.5 Pin Definitions 

Figure 5.29 shows the pin definitions of this design with its functional blocks. As 

can be seen in Figure 5.29, this design adopts three power supplies for digital circuits and 

one power supply for analog blocks. The package used for this chip is DIP-40, which is 

provided by MOSIS. 
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Figure 5.29: Pin definitions and functional blocks of this design. 
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5.9 Summary 

The design of the fourtii-order (2-1-1) modulator has been described. Circuit 

simulations of the major analog blocks and layout of the design have also been presented. 

The key specifications of tiie developed system are summarized in Table 5.7. 

Table 5.7: System Specifications 

Technology 

Architectures 

Power Supply 

Signal Bandwidth 

Sampling Frequency 

SNR 

Dynamic Range 

Power Consumption 

MOD-2 and MOD-3 
output 

AMI C5N 0.5)Lim DPTM mixed-mode process 

Fully-differential SC 4"'-order SA modulator (lb,4b,4b). 
It can be configured as: 

(1). 4-bit first-order and 1-bit second-order modulators. 

(2). 3" -̂ and 4*-order MASH modulators. 

(3). 3"̂  -, and 4"'-order proposed modulators. 

(4). Each multibit modulator can be with or without on-
chip DAC errors. 

2.7V~3.6V 

19.53kHz 

0.625MHz ~ 5.0MHz (OSR=16~64) 

82dB @ fin=lkHz for 4*-order 

87dB @ fin=lKHz for 4*-order 

<30mW 

5-bit PCM codes by sign and magnitude representation 
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CHAPTER VI 

MEASUREMENT RESULTS 

This chapter presents the measurement results of the designed fourth-order (2-1-1) 

SA modulator with a DAC error cancellation technique. Section 6.1 describes the 

diagnostic of chip fimctions and solutions toward an identified tooling problem. Section 

6.2 presents the experimental test setiip for the chip. Section 6.3 shows the measurement 

results of tiie differential amplifier and clock generator while Section 6.4 shows the 

testing results of tiie configurable fourth-order sigma-delta modulator. The performance 

differences between the measured and simulated results for each analog block are also 

discussed. 

6.1 Chip Functions Diagnostic 

A quick verification of the circuit fimctions upon receiving the chips showed that 

all the outputs of the five clock signals were distorted in level, and all 11 modulator 

outputs were malfunctioning, which indicated problems in the chips. Intensive cross-

reference checks between the schematics and the layout confirmed that the abnormal 

phenomenon was caused by improper connections between the output signals and the 

pads inside the chip. All 16 output signals with a same type of digital pad called 

"PADOUT" were found to be incorrect. Each of the digital outputs has been connected to 

its pad's output, not input, which tums on the ESD protection transistors and clamps the 

output waveform when the signal is high. 
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IC microsurgery has been conducted on the samples to solve the layout problem. 

The operations are to cut the connections between signals and pads for the five clock 

signals so that the chip could fiinction normally. Figure 6.1 shows an instant of the "cut" 

operation on ckl. The cutting width is 13.2nm. After microsurgery, the functions of this 

chip were restored, especially for the 11 modulator outputs. 

Figure 6.1: A wire cut is on CKl. The cutting width is 13.2|j,m. 

6.2 Experimental Test Setup 

A universal PCB combined with a DIP-40 socket was used because the number of 

external components such as capacitors and resistors required for the chip under test are 

only five and there are no complex off-chip connections between the testing objects. The 

test setup includes two PCBs: one is for the characterization of the modulator's 

performance, while the other is used for measurement of the amplifier's performance and 
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tor providing a synchronous clock output, ck4b, for the modulator. Off-chip option pins 

were implemented by wire connections on the boards, allowing them to be switched from 

Vdd to ground for different options. 

The instilments used and their fimctions are listed in Table 6.1. Among them, an 

Agilent 5464ID mixed-signal oscilloscope is tiie major instmment for the modulator 

measurement. The Agilent 5464 ID can acquire up to 16 channels of digital outputs 

simultaneously, witii each channel having a maximum data capacity of 500,000 points 

[121]. 

Table 6.1: Instmments used for the measurement 

Equipment 

Agilent 5464ID 

Wavetekl82A 

Audio Precision 
ATS-2 

HPESA-L1500A 

HP 3245A 

Fluke 45 

Fluke DM3370A 

Function 

Mixed-Signal Oscilloscope. It provides up to 16 channels 
for digital measurement. 
4MHz Function Generator. It is used to generate clock 
signals for the modulator. 
Audio Test System. It provides high-quality differential 
analog inputs. 
9k~1.5GHz Spectrum Analyzer. It's used to quickly verify 
the first-stage modulator outputs. 

Universal Function Generator. For the amplifier test. 

Dual Display Multimeter. It's used to measure dc signals. 

Autoranging Combiscope. 

When doing measurement, selection of the oscilloscope's sampling interval needs 

to consider the capture accuracy and the effective data length. For example, with an 

interval of 1 OOns/point and the modulator's sampling frequency of 1.25 MHz, tiiere will 

be 8 points representing the output sample. Seven of the 8 points are redundant and are 

discarded for data analysis, hi total, 500,000 points are collected and 62,500 are retained. 
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which is sufficient for spectral analysis [122]. The diagram of the test setup for the 

modulator measurement is shown in Figure 6.2. 

Audio Precision 
ATS 2 

Power Supply 1 
3.3V 

Power Supply 3 
1.65V 

PC 
Control & 

Data Analysts 

AVDD VIP VIN VDD 

AGND GND 

DUT ''•'"̂  
VAG(EXT) CK4B 

MOD-1 MOD-2 MOD-3 

HP ESA L1500A 
Spectrum Analyzer 

Power Supply 2 
3.3V 

Wavetek 182A 
4MHzFunc. Gen. 

5b. 

lb . 

Sync 
Agilent 54641D 

Mixed-Signal 
Oscilloscope 

Figure 6.2: Diagram of the test setup for modulator measurement. 

6.3 Measurement of the Amplifier and Clock Generator 

6.3.1 The Differential Amplifier 

Test items for the differential amplifier include open-loop gain, common-mode 

rejection ratio (CMRR), power-supply rejection ratio (PSRR), input offset, and slew rate 

(SR). The measured results are summarized at the end of this section. 

Figure 6.3 shows the testing circuit for measurement of the open-loop gain. The 

circuit contains two amplifiers: the first amplifier is the device under test (DUT), and the 

second one is used as a nulling amplifier which forces its differential input to zero 
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tiirough a negative feedback loop [123]. The input signal of the first amplifier is analog 

ground (Vag) which equals 1.65V. 

srcl 
^-tif 

ag 

aq 
vdop m 

-TN «cDof> vdon ''I 

l.Sur 

ag 

- ^ 5 ? ^ 
•:c:cF 

ag 

vo 

Figure 6.3: The testing circuit for the measurement of open-loop gain. 

Assuming that all resistors are matched and that the first amplifier is without 

offset, the output of the amplifier under test is obtained as 

Vdo=^do+-Vdo-=Kg-VsRCi- (7-1) 

With the nulling approach, the input voltage of the first amplifier under the steady-state 

condition is derived as 

v. =V. -V- = 
'in ' in+ in-

R-, 

i?, +/?2 
iVo-V,g) (7.2) 

Therefore, by varying VSRCI with different voltages and measuring the differences on 

Vdo, the open-loop gain is obtained as 

J^Vdo _.Rx+R2.^VsRC\ 
' ' ' ' ^ - A ^ , -^ R, ^ AV,o 

(7.3) 

119 



Figure 6.4 shows the open-loop gain of this amplifier as 76.2dB. In practice, the 

amplifier under test has an input offset, degrading the measured results if it is not 

compensated during testing. In Figure 6.4, a measured curve without offset compensation 

is also shown with a degradation of 13.2dB. 

1.6 

15 

1 4 

1.3 

1.2 

1.1 -

1 • 

Open Loop Gain of the Amplifier Under Test 

s, Gain=6.641=76 2dB 

Without I riput offset , 
•--compeFtsatton- ŝ 

(?ain=63 0dB: 

1.5 25 
SRC1 

Figure 6.4: The Open-loop gains of the amplifier. 

The testing circuits used for CMRR and PSRR measurements are very similar to 

Figure 6.3. The measured CMRR is -66dB and the measured PSRR is 400^V/V, or -68 

dB, based on the procedures described in [123]. 

An indirect approach was used while measuring the slew rate (SR) of the 

amplifier [124]. Since there are parasitic capacitances on every pin of the amplifier due to 

bonding wires and contacts, the loading effect becomes significant when a small load 

capacitor such as 5pF or less is used. Therefore, a buffer-type configuration of the 

amplifier with a larger load of 22pF was used. The measured result was then converted to 
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a slew rate equivalent to a load of 6pF. Figure 6.5 shows the step input and output 

waveform of the amplifier. The slope, dvou,/dt of the output is 4.1 V/̂ is with a current of 

one-third of the practical output current and a load of 22pF. This is equivalent to a slew 

rate of 45.2V/^s for a 6-pF load. 

Normal I Peak DetYAveragiria j ' 0 * Avgs f Realtime j 

Figure 6.5: Input and output waveforms of the amplifier for the SR measurement. 

A summary of the testing results are listed in Table 6.2. The values of the input 

offset and the analog ground were obtained by averaging the results of 10 samples. The 

maximum output swing was measured by using a large input of square wave for an 

inverting amplification configuration [123]. The specifications of the designed amplifier 

sufficiently meet the design requirements for the SA modulator. 
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Table 6.2: Simulated and measured results of the modulator amplifier 

Design Parameter 

Open-Loop Gain 

Unity-gain Bandwidth 

Slew Rate 

Output Load 

Output Swing 

CMRR 

PSRR 

Input Offset 

Target 

>70dB 

40MHz 

40nV/s 

5pF 

1.5Vpp 

-70dB 

-70dB 

<10mV 

Simulated 

78.0dB 

39.5MHz 

48.0^V/s 

6pF 

2.5Vpp 

-76dB 

-72dB 

0 

Measured 

76.2dB 

38.5MHz 

45.2^V/s 

6pF 

2.5Vpp 

-66dB 

-68dB 

4.6mV 

6.3.2 The Clock Generator 

Table 6.3 summaries the timing information of the clock signals. Two supply 

voltages, 3.0V and 3.3V. were used. Although the delay between input MCLK and ckl is 

a bit longer than the simulation result, the modulator operates normally. 

Table 6.3: Timing information of all the clock signals 

Clock Edges 

MCLK - CKl 

CKl - CK3 

CKl - CK2 

CK2 -CK4 

3.3V 

Rising 

17ns 

4ns 

10ns 

4ns 

Falhng 

22ns 

5ns 

13ns 

5ns 

3.0V 

Rising 

20ns 

5ns 

13ns 

5ns 

Falling 

23ns 

6ns 

13ns 

5ns 

Simulated 

15ns 

5ns 

11ns 

5ns 
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6.4 The Modulators 

As shown in Chapter V, the designed fourth-order SA modulator incorporates 

several modulation fimctions from different architectiires. To show the testing results 

more clearly and efficiently, the performance of each stmcture will be presented 

according to the order of the modulator. 

6.4.1 First-Order Modulators 

The first-order systems in this project include two four-bit modulators, MOD-2 

and MOD-3. Figure 6.6 shows the measured and simulated power spectral densities 

(PSD) of MOD2 with input amplittide of-lOdB and an OSR of 32. 

PSD plots of the first-order modulator with input=-10dB & OSR=32 
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Figure 6.6: Measured and simulated power spectral densities of the MOD-2. 
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The measured specti^m in Figure 6.6 shows 5-dB higher than from the simulated 

result due to the performance degradation caused by a higher noise floor. In normal 

operation, MOD-1 is the real input stage in which the thermal noise is property handled 

by selecting a larger input capacitor. Smaller input capacitors are used in the other 

intemal stages, MOD-2 and MOD-3, because their inputs are the quantization error of the 

previous stages, which will be digitally cancelled or suppressed. In this design, the input 

capacitors used in MOD-2 and MOD-3 are only 1/16 of that in MOD-1. Therefore, when 

MOD-2 or MOD-3 is tested as an input stage, a higher noise floor will be observed. Since 

MOD2 and MOD-3 are used only as intemal stages, the performance of high-order 

architectures is not affected by tiie smaller input capacitors of MOD-2 and MOD-3. 

6.4.2 The Second-Order Modulator 

The input stage of this cascaded system is a second-order modulator, MOD-1. Its 

power specfral density is shown in Figure 6.7. The input signal is a 1 kHz, -lOdB sine 

wave and the OSR is 32. The noise floor of the MOD-1 is at -95dB, which is close to the 

design target. The difference between the measured SNR and the simulated result is only 

IdB for an OSR that equals 32. 

The input level versus OSR plots of MOD-1 with various oversampling ratios are 

shown in Figure 6.8. For an OSR of 16 or 32, the measured resuhs basically follow the 

design targets since their SNRs are limited by the larger noises near 20 kHz. However, 

when MOD-1 's OSR increases to 64, the modulator's SNR is dominated by the noise 

124 



floor at low frequencies. A difference of 5 dB between the measured results and the ideal 

case is observed. 

PSD of the 2nd-order SDM output: -lOdB & OSR=32 (Measured) 
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Figure 6.7: Power specfral density of the second-order modulator, MOD-1. 
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Figure 6.8: Input versus SNR plots for MOD-1 with various oversampling ratios. 
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6.4.3 Third-Order Systems 

The third-order modulators are comprised of MOD-1 and MOD-2 as shown in 

Figure 5.1. The input level versus SNR plot for the MASH (2-1) and the proposed (2-1) 

modulators are shown in Figure 6.9 and Figure 6.10, respectively. The measured SNR 

curves for both architectures are around 8dB to lOdB lower than the behavioral 

simulation results. This is caused by a higher noise floor introduced by the SC circuits. 

The measured noise floor is lO-dB higher than the simulated data. 

90 
Input le\«ls vs. SNR for the 3rd-order MASH modulator 

m 50 
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Figure 6.9: The input versus SNR plot for the third-order MASH (2-1) architecture. 
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Figure 6.10: The input versus SNR plot for the proposed (2-1) architecture. 

6.4.4 Fourth-Order Systems 

6.4.4.1 Power Specfral Density. The power spectral densities of the MASH (2-1-

1) and the proposed modulators are shown in Figure 6.11 and Figure 6.12, respectively, 

with an input signal of-20dB, 1-kHz sine wave and OSR of 32. Both modulators have an 

in-band noise floor at around -1 lOdB, which is 8-dB higher than the level obtained from 

the behavioral simulations. The SNR of the proposed architecture is around 2 dB higher 

than the MASH modulator due to a better ability to reduce DAC errors; however, the 

difference is smaller than the theoretical value of 8dB because of noise coupled by the 

extra circuits. 
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PSD of the 4th-onJer MASH DSM with fin=-20dB 
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Figure 6.11: Power spectral density of the fourth-order MASH (2-1-1) modulator. 

PSD of the 4th-order Proposed DSM with fin=-20dB 

T3 

Figure 6.12: Power spectral density of the proposed (2-1-1) modulator. 
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6.4.4.2 Input Level versus SNR. Figure 6.13 and Figure 6.14 show the input level 

versus SNR plots with various oversampling ratios for the MASH and proposed 

modulators, respectively. With the same input signal, the proposed (2-1-1) modulator has 

an SNR 2 to 3 dB better than that of the MASH (2-1-1) stmcture with various OSRs. The 

difference is smaller than the theoretical value because of analog nonidealities of the 

exfra circuits. The analog nonlinearities generate a higher in-band noise floor which 

deteriorates the SNR. The MASH (2-1-1) has a measured peak-SNR at the input level of 

-10 dB, which is different from the simulation result of-3dB. The integrator overload 

causes the shift in peak-SNR. 

Input levels vs. SNRforthe 4tl>order MASH modulator 

-40 -30 -20 
Input Level (dB) 

Figure 6.13: Input level versus SNR plots for the MASH (2-1-1) modulator. 
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Figure 6.14: Input level versus SNR plots for the proposed (2-1-1) modulator. 

6.4.4.3 Input versus SNR with Built-in DAC Errors. To see the performance 

degradation caused by DAC errors, a small built-in error, ±0.15LSB, has been added on 

each four-bit DAC for experiment. Figures 6.15(a) and 6.15(b) show the loss caused by 

the DAC errors for both stmcture with -lOdB, 1-kHz input signal and OSR of 32. The 

proposed architecture shows 4dB loss in SNR while the MASH modulator degrades 

12dB, showing that the proposed architecture has better DAC error immunity than the 

latter. 
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Figure 6.15: Input level versus SNR plots with and without built-in DAC 
errors for (a) the proposed and (b) the MASH modulators. 

6.5 Summary 

Measurements on a multibit fourth-order SA modulator with DAC error 

cancellation techniques have been completed. When the chips of this project were 

received, a problem on pad connection was identified and then eventually solved by 

conducting IC microsurgery to restore all the modulator fimctions on three samples. With 

the equipment described, all test objects were characterized. 
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The performance of the proposed fourth-order modulator is theoretically about 10 

dB better tiian the MASH stiaicture when both have the same DAC errors. However, the 

measured results show that such advantage has been narrowed to 2 dB to 3 dB. This may 

be caused by noise introduced by the extra circuitry needed for the DAC error 

cancellation in tiie proposed architecture. When an on-chip DAC error of ±0.15 LSB has 

been added to both modulators, the measured results show that the proposed architecture 

loses 4dB of SNR while the MASH stmcture loses a significant 12 dB; such result shows 

tiiat the proposed architecture has better immunity to DAC errors than the MASH 

stmcture. 

In addition to the problems caused by the exfra circuitry, component limitations 

also affect the modulator's performance. The minimum input capacitor in the first-stage 

modulator was chosen as IpF, resulting in a modulator's noise floor around -1 lOdB. The 

measured results show that such noise level is not low enough for the higher-order 

architectures of this design. A larger input capacitor can be used to minimize the SNR 

loss caused by a higher noise floor in exchange for a larger circuit area. For example, to 

lower the noise floor by lOdB, a 40-pF capacitor will be needed, which will increase the 

chip area from 5.6mm to at least 9.0nim . 
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CHAPTER VII 

CONCLUSIONS 

Noise reduction techniques used for a multibit cascaded sigma-delta modulator 

have been proposed. The effects of analog nonidealities in a cascaded modulator have 

been analyzed and solutions have been provided. Among the analog nonlinearities, 

mismatch in a multibit DAC has been found to be the most critical error source. This 

research has developed an algorithm of data weighted averaging (DWA) in the category 

of dynamic element matching (DEM) to reduce the DAC errors. Simulations of the 

developed algorithm show improvement in DAC error reduction compared to other 

approaches. 

In addition to tiie DEM approach, an architectural solution for DAC error 

reduction has also been proposed. The proposed modulator, based on the cascaded 

architecture, has an exfra feedback path on each intemal stage to fiirther reduce the DAC 

nonlinearity errors. The DAC error at the final stage of the proposed modulator is totally 

cancelled out and each of the DAC errors at the other intemal stages is shaped by a 

fimction one order higher than that in a conventional cascaded stmctiire. Behavioral 

simulation shows that, with a maximum DAC integral nonlinearity (INL) of ±0.05 LSB 

and an OSR of 32, the proposed architectiire has an improvement of 1 OdB over the 

standard MASH stmctiire on DAC error reduction. The proposed architectiire also shows 

a 5 dB improvement over the MASH stmctiire with DEM. 
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Circuit design and layout of the proposed architecture have been described. 

Simulation results of the major analog blocks such as the amplifiers, quantizers, and sub-

modulators have been shown, all meeting design specifications. The developed system 

has been fabricated by AMI C5N process with design mles provided by MOSIS. The 

chip has a die area of 5.6 mm' and is packaged as DIP-40. The device count of this 

design is 5,451. 

Measurement results show that, without adding the on-chip DAC errors, the SNR 

of the proposed architecture is 2 dB better than the MASH stmcture. When an on-chip 

DAC error of ±0.15 LSB has been added, the proposed architecture is SdB better than the 

MASH stmcture. The improvement shown by measurement is less than that of behavioral 

simulations. A higher noise floor infroduced by the extra circuitry needed for the 

proposed architecture may be the reason. The noise floor of the proposed architecture can 

be lowered by placing more guard rings for the analog components to fiirther reduce the 

noise coupled from digital circuits. 

Since the design of a SA ADC for a wide-bandwidth, high-resolution application 

is more challenging, optimization of the system and circuit parameters of the proposed 

architecture for such application is a topic for fiirther study. Another topic of interest for 

fiirther study is to improve the performance of the proposed architecture for large input 

signals such as -6dB of the fiiU swing or greater. 
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APPENDIX A 

TECHNIQUES TO COMPENSATE THE FINITE-GAIN EFFECT 

The amplifier in an SC integrator is not ideal because of analog nonidealities. 

Among the analog nonidealities, the finite-gain effect caused by finite gain of the 

amplifier will limit tiie integrator's performance at low frequencies. This appendix 

discusses compensation techniques for the finite-gain effect. 

A.l The Finite-Gain Effect 

Figure A. 1 shows a stiay-insensitive SC integrator [98] with a nonideal amplifier 

-V^ 
which has a finite dc gain A . An input offset voltage, y . , is generated due to the 

finite gain; such offset is time-variant. 

V i „ 0 
c k 3 Cj^ ck2 

c k 4 \ c k l ^ A - y I \> 

Figure A.l: The stray-insensitive integrator with a finite-gain amplifier. 

With the nonoveriapping clocks as those introduced in Chapter V, operations of 

this integrator are described as follows: 
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1. During the sampling cycle, ckl and ck3 are on and ck2 and ck4 are off The 

capacitor Ci is charging to the input level as shown by Figure A.2. Equating the charges 

at the inverting node of the amplifier, an equation can be expressed as 

c.[-^-r.(«-i)] = c,[-
^o(«-^) 1 

(A.1) 

Vi„C=> 

A -

Figure A.2: The SC integrator circuit during sampling period. 

Equation (A.l) is solved as 

1 
Vo{n--) = V^{n-\) (A.2) 

The output voltage at t = n-\ equals to that at ^ = « -1 / 2 . 

2. During integration period, ckl and ck3 are off and ck2 and ck4 are on. The 

integrator is operating as shown in Figure A.3. By applying charge conservation at the 

inverting input terminal of the amplifier, an equation can be derived as 

1 ^o("~~) 1 Vn(n') V (n) 
-C,Vin(n-h-C2[ - ^ + Kin-h]^-C2[!^ + VM]-Q^. (A.3) 

2 A 2 A A 
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MI>V, 

Figure A.3: The SC integrator circuit during integration period. 

The last term on the right hand side of Equation (A.3) is caused by the finite-gain effect. 

By using z-fransform. Equation (A.3) can be expressed as 

1 1 

C,F,„(_-)- '~+C2V,{z)z 2(i + l ) = C2P;(z)(l + l ) - ^ C , ^ 
A A A 

Therefore, the transfer fiinction of this uncompensated integrator is 

(A.4) 

H{z) = 
Vo(^) _ C,z 2 

"̂"̂""̂  ^.C,(l4)(l-z-^) 
A A 

Using the result of Equation (A.2), Equation (A.5) can be expressed as 

H, uncomp (z)-
C)Z' Ki^^__ 

^in(^) ^ + C2(1 + - ) ( 1 - Z - ' ) 
A A 

(A.5) 

(A.6) 

The uncompensated integrator is lossy since it has a dc magnitiide of A instead of 

infinity. Substituting Equation (A.6) into the noise transfer fiinction of a first-order SA 

modulator, the fimction will be 
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C, 1 , 
_L + C2(l-H-i-)(l-z-') 

^TF„„^omoi=) = T—r^ = d : A 

^ + C2(l + i ) - [ C 2 , . . 
A A A 

uncompy- I - — — —- - — . (A.7) 
+ «««compU) ^ + C2(l + - ) - [ C 2 ( l + - ! - ) - C , ] z - ' 

The NTF in Equation (A.7) is with a dc magnitude of —!— compared to an ideal NTF, 

which has a dc magnitude of zero. The shaping ability of such an NTF is greatiy 

degraded by tiiis if ^ is small. The integrator's gain error, or so-called pole error, can be 

found as 

^A.uncomp = ~7^ : • ( A . 8 ) 

A A 

Equation (A.8) is only an approximation according to the definition of gain error. 

However, it can be seen that such error is proportional to the reciprocal of gain A. If A is 

small, the modulator's performance will be deteriorated. 

A.2 Finite-Gain Compensation Techniques 

This section will introduce the techniques used to compensate the finite-gain 

effect, including using a buffer and auto-zeroing. 

A scheme which adopts an inverting buffer to compensate for the finite-gain 

effect has been proposed by [125], as shown in Figure A.4. The amplifier's input offset is 

acquired by the buffer and is cancelled out by a negative feedback during the integration 

period. 
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Figure A.4: The gain-error compensation scheme with a buffer. 

By using KCL at the inverting node of the amplifier, an equation can be 

established as 

C2[Vc2inT)-Vc2{nT-T)]-C^[V,„(nT-T)--V^inT) + \{nT)] = 0, (A.9) 

A A 

assuming that the buffer is ideal. Using the results of Equation (A.8) and taking z-

fransform, the fransfer fiinction of the integrator is derived as 
C,r-

^in(^) C2(l + -^ ) (1-Z- ' ) 
A 

(A.IO) 

Unlike Equation (A.6), the dc term in the denominator of the transfer fiinction of 

Equation (A. 10) has disappeared, leading to a better performance. The first-order noise 

fransfer fiinction by using this scheme is given by 

NTFsufiz) = -
l - z -1 

1-[1- C, 
(A.11) 

C2-(l + ^ ) 
A 

-V 
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witii gain error 

{.ideal _buf j — • (A.12) 

Q-(l + -^) 

A 

If tiie buffer itself has a finite gain of ^,, the transfer fiinction of the integrator will 

become 

f;(--) c,r-" 

' - - - ^ + C2(l-h-i-)(l-z-') 

.4̂ 4' A 

The unwanted dc term again appears at the denominator but such term is A^ times 

smaller tiian those in Equation (A.6). The first-order NTF with this scheme is 
1-z-^ 

'^T^Pbuf,non (2) = -p^ . (A. 14) 

AA^ A 

The integrator's gain error of this scheme is 

Sx,buf = — r — r • (A-15) 
— ^ + C2-(1 + - ) 

AA^ ^ A 

The use of this compensation scheme should reduce the nonlinearities of the buffer. 

The finite-gain effect can be effectively reduced by using an offset compensation 

technique called auto-zeroing for an SC comparator [126-127]. This technique uses a 

sampling capacitor and switches to acquire and cancel the input offset. Consequently, the 

performance of the comparator is increased. The auto-zeroing technique for a comparator 

has been slightly modified for an SC integrator. Figure A.5 shows the scheme with an 
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inverting configuration while Figure A.6 shows the stmctiire with a noninverting 

configuration. 

ck3 Cj ck2 
/ / 

ck4's da ' s T ! 

* A c k l 

Figure A.5: The auto-zeroing scheme with an inverting configuration. 

Figure A.6: The auto-zeroing scheme with a noninverting configuration. 

By applying KCL at the inverting node of the amplifier in the scheme of the 

inverting configuration, an equation can be established as 

C2Wc2inT^-Vc2{nT-T)\-C,{Vi^{nT-T)-\v,{nT) + -V,{nT-T)-\ = ^. (A.16) 

Using the results of Equation (A.8) and taking the z-transform, the transfer fiinction of 

the integrator can be derived as 

-1 Cjz Vgi^) 

^«(-) [^+C2(i4)]0--"^) 
A A 

(A. 17) 
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There is no dc term in the denominator. The first-order NTF of the modulator by this 

scheme is 

NTF,,^=) = ^ ^ . (A. 18) 

7 + ̂ 2(l4) A A 

The integrator's gain error is 

^A,os= -p • 7- . (A. 19) 
^ + C..(l + i ) 
A - A 

The noninverting configuration has identical equations as the inverting one. 

The gain error generated by the auto-zeroing scheme is less than that in an 

uncompensated integrator since the latter has only an approximated quantity like 

Equation (A. 19). The gain error by the auto-zeroing scheme is slightly larger than that by 

the structure using a buffer; however, the former is much simpler in implementation. If 

the amplifier's gain is large enough, such difference is insignificant. 

A.3 Simulation Results 

Simulation results of the aforementioned techniques with gain A equals 10 and 

1,000 are shown in Figures A.7 and A.8, respectively, with a normalized sampling 

frequency and Q = C2. 
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Figure A.7: Simulation of NTFs with gain equals 10. 
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Figure A.8: Simulation of NTFs with gain equals 1,000. 

It can be seen from Figure A.7 that an amplifier gain of 10 causes a great loss of 

the integrator for the uncompensated case. Its noise level by NTF is limited to -48dB at 

dc and rises greatiy at low frequencies. The shaping curves with compensation techniques 
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lie between the uncompensated and ideal ones and are only slightly higher than that for 

the ideal fimction; the difference is less than 2dB in-band. 

When the amplifier's gain is fiirther increased to 1,000, the difference between all 

the curves, compensated and uncompensated, is less than 0.0IdB, it cannot to be 

distinguished from the figure. Since an amplifier's dc gain of 1,000 is easy to achieve by 

today's VLSI process, this design will use an amplifier with a dc gain higher than 1,000 

to avoid any other technique needed for compensating for the finite-gain effect. 
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APPENDIX B 

IMPLEMENTATION OF ERROR CANCELLATION LOGIC 

This appendix describes the evaluation on the cost of implementing the error 

cancellation logic of the designed (2-1-1) modulator with (1) on-chip hardware solution 

and (2) off-chip software filtering. In addition, this appendix also demonstrates a 

simplified approach to realize the error fimctions by using "add" and "shift" only. The 

scaled STF fimctions as described in Chapter IV are illustrated here as an example. 

B. 1 Digital Implementation 

Evaluations of incorporating the error cancellation logic into the chip design have 

been listed in Table B.l. Pros and cons are presented from the viewpoints of design and 

testing. 

Table B.l: Pros and cons of on-chip and off-chip solutions for digital design 

Design 

Testing 

Possible 
Problems 

On-chip HW Implementation 

1. Digital synthesis tools and 
skills are required. 

2. Cell library is needed for 
layout. 

1. Output data are more reliable 
and can be analyzed directly. 

2. No complex data acquisition 
system is needed for testing. 

1. Occupies large chip area. 
2. Cell library is not available. 
3. Fully-custom digital design is 

very time-consuming. 

Off-chip SW Implementation 

1. No complex digital design inside. 
2. MATLAB or other software can 

be used for off-chip filtering. 

1. All three DAC outputs need to be 
acquired synchronously. 

2. A data acquisition system with at 
least 11 channels and a speed of 
2.56M Samples/sec is needed. 

1. The acquisition system wanted is 
not available. 

2. Acquisition capacity of the 
measurement system. 
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Designing these digital functions on chip requires a synthesis tool and, more 

importantly, the cell library for layout. Unfortunately, the cell library for the process used 

for the analog design, AMIS 0.5^m DPTM C5N, is not available through MOSIS. 

Turning the standard-cell design into a fiiUy-custom one is not practical and is more 

prone to mistakes. However, implementing the cancellation ftinctions intemally increases 

the reliability of the modulator output and simplifies the testing approach. On the other 

hand, external software filtering saves chip area for the digital functions, but a more 

complicated measurement system is needed. A total of 11 modulator outputs need to be 

acquired simultaneously and synchronously with acceptable storage capacities to retain 

sufficient data, especially for an oversampling system in which most of the data is 

redundant and will be discarded. 

For the purpose of measurement, the acquisition system with off-chip software 

solutions needs to provide the ability to acquire 20,000 or more points of data for each 

channel for spectmm analysis. In addition, such a system needs to operate with a speed of 

5M sample per second for testing the designed system. Moreover, for data acquisition, 

such a system needs to provide acceptable accuracy [128]. 

Acquiring data by HP 54641 Oscilloscope and using the off-chip software 

filtering is the final measurement solution in this design. This solution is economic and 

efficient but is not necessarily the best since some difficulty has been found by this 

approach. If the cell library is available and chip area is not resfrained, an on-chip 

solution should be done to get more reliable modulator outputs. 
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B.2 Implementation of the Error Cancellation Logic 

A simplified approach to implement error cancellation logic without using 

multiplication is inti-oduced in this section. The scaled STF selection as shown in Section 

4.2.2 will be illusfrated as an example. To implement the coefficient set, 

1 2 1 
{a,b,c,d) = ( - . - , - , 1 ) , without multiplication, all the numbers in the error cancellation 

fimctions should be represented in powers of 2. Therefore, the coefficient set has been 

1 3 1 
shghtiy modified to {a,b,c,d) = ( - , - , - , 1 ) to meet this requirement [129]. Table B.2 

2 8 2 

shows tiie error cancellation fimctions with the modified coefficient set. The numbers in 

/ / , ( - ) can now be represented in power of 2. The implementation of each fianction is as 

follows. 

Table B.2: Error cancellation ftinctions with the modified coefficient set 

H,{z) 

H2(z) 

Hni^) 

H,(z) 

Cancellation Functions 

,1 -K, , 13 _i 13 _2. 
( - Z ')(1 z '-I-—z ^) 
2 8 16 

l - 3 z ~ ' - ^ 3 z " ^ - z " ^ 

Z-' 

l - 4 z ~ ' + 6 z " ^ - 4 z " ^ + z " ^ 

Represented in power of 2 

1 
—z 
2 

_, (8 + 4 + 1) __2 1 (8 + 4 + 1) __3 

16 32 

l - ( 4 - l ) z - ' + ( 4 - l ) z " 2 - z " ^ 

-1 
z 

] [ - 4 z " ' + ( 8 - 2 ) z " 2 - 4 z " - ^ + z - ^ 

, 1 _i (8 + 4 + 1) _2 (8 + 4 + 1) _3 
The fimction H^ (z) can be expressed as - z — z + — z 

and can be implemented by the circuit shown in Figure B.l. This circuit adopts only 

registers and adders which can be modulized. The coefficients in this circuit are all in 
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powers of 2 and can be implemented by the left or right shifting of the bits [130]. The 

multiplication is realized by left shifting the bits while the division is realized by right 

shifting the bits. The word length of the output is 11 bits. 

1 , , ( 4 ) , , ( 4 ) 
hn 1 

L-stlin 
1 bit 

-HREGh î  

^ 1 0 

R-shill I |R-shift| I R-stiift R-stiift 
3 bits I I 2 bits I I 3 bits | | 2 bits 

L-shift I L-shifl 
4 bits 5 bits 

-*0- 11 

Figure B. 1: The circuit to implement H^ (z) 
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